
Chapter 

29 
Data Converter Architectures 

Applications such as wireless communications and digital audio and video have created 
the need for cost-effective data converters that will achieve higher speed and resolution. 
The needs required by digital signal processors continually challenge analog designers to 
improve and develop new ADC and DAC architectures. There are many different types of 
architectures, each with unique characteristics and different limitations. This chapter 
presents a basic overview of the more popular data converter architectures and discusses 
the advantages and disadvantages of each along with their limitations. 

Now that we have defined the operating characteristics of ADCs in Ch. 28, a more 
detailed examination of the basic architectures will be discussed using a top-down 
approach. Because many of the converters use op-amps, comparators, and resistor and 
capacitor arrays, the top-down approach will allow a broader discussion of the key 
component limitations in later sections. 

29.1 DAC Architectures 

A wide variety of DAC architectures exist, ranging from very simple to complex. Each, 
of course, has its own merits. Some use voltage division, whereas others employ current 
steering and even charge scaling to map the digital value into an analog quantity. 

29.1.1 Digital Input Code 

In many cases, the digital signal is not provided in binary code but is any one of a number 
of codes: binary, BCD, thermometer code, Gray code, sign-magnitude, two's 
complement, offset binary, and so on. (See Fig. 29.1 for a comparison of some of the 
more commonly used digital input codes.) For example, it may be desirable to allow only 
one bit to change value when changing from one code to the next. If that is the case, a 
Gray code will suffice. The thermometer code is used quite frequently and can also be 
seen in Fig. 29.1. Notice that it requires 2N- 1 bits to represent an N-bit word. The choice 
of code depends on the application, and the reader should be aware that many types of 
codes are available. 
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Figure 29.1 Comparison of digital input codes. 

29.1.2 Resistor String 

The most basic DAC is seen in Fig. 29.2a. Comprised of a simple resistor string of 2N 

identical resistors and switches, the analog output is simply the voltage division of the 
resistors at the selected tap. Note that a N:2N decoder is required to provide the 2N signals 
controlling the switches. This architecture typically results in good accuracy, provided 
that no output current is required and that the values of the resistors are within the 
specified error tolerance of the converter. One big advantage of a resistor string is that the 
output is always guaranteed to be monotonic. 

VOUT 

MSB 

DN-i 

-VOUT 

DN 

Figure 29.2 (a) A simple resistor-string DAC and (b) the use of a binary switch 
array to lower the output capacitance. 
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One problem with this converter is that the converter output is always connected 
to 2N - 1 switches that are off and one switch that is on. For larger resolutions, a large 
parasitic capacitance appears at the output node, resulting in slower conversion speeds. A 
better alternative for the resistor-string DAC is seen in Fig. 29.2b. Here, a binary switch 
array ensures that the output is connected to at most N switches that are on and N 
switches that are off, thus increasing conversion speed. The input to this switch array is a 
binary word since the decoding is inherent in the binary tree arrangement of the switches. 

Another problem with the resistor-string DAC is the balance between area and 
power dissipation. An integrated version of this converter leads to a large chip area for 
higher bit resolutions because of the large number of passive components needed. Active 
resistors such as the n-well resistor can be used for low-resolution applications. However, 
as the resolution increases, the relative accuracy of the resistors becomes an important 
factor. Although the value of R could always be made small to minimize the chip area 
required, power dissipation would then become the critical issue as current flows through 
the resistor string at all times. 

Example 29.1 
Design a 3-bit resistor-string ladder using a binary switch array. Assume that V^ 
= 5 V and that the maximum power dissipation of the converter is to be 5 mW 
(not including the power required by the digital logic). Determine the value of the 
analog voltage for each of the possible digital input codes. 

The power dissipation will determine the current flowing through the resistor 
string by 

Since a 3-bit converter will have eight resistors, the value ofR is 

fl = ± - ^ - = 625Q 8 1 mA 
The converter can be seen in Fig. 29.3. Examine the switch array if the input code 
is Dß{D9 = 100 or 410. Since D2 is high, the top switch will be closed and the 
lower switch, Di, will be open. In the row corresponding to Z),, since D, = 0, both 
of the switches marked D\ will be closed and the other two will be open. The 
LSB controls the largest number of switches; therefore, since D0 is low, all of the 
Do switches will be closed and all of the D0 switches will be open. There should 
be only one path connecting a single tap on the resistor string to the output. This is 
bolded, with the resistor string tapped in the middle of the string. Therefore, v0UT 
= Vi V^p = 2.5 V. The remaining outputs can be seen in Fig. 29.4. ■ 

Mismatch Errors Related to the Resistor-String DAC 

The accuracy of the resistor string is obviously related to matching between the resistors, 
which ultimately determines the INL and DNL for the entire DAC. Suppose that the /'-th 
resistor, Rt, has a mismatch error associated with it so that 

Rt = R+ ARt (29.1) 
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Figure 29.3 A 3-bit resistor-string DAC used in Ex. 29.1 

where R is the ideal value of the resistor and A/?; is the mismatch error. Also suppose that 
the mismatches were symmetrical about the string so that the sum of all the mismatch 
terms were zero, or 

S A/?, = 0 (29.2) 

The value of the voltage at the tap associated with the i-th resistor should ideally be 

1/ . . _ v/ REF f „ , ; _ n 1 1 *>N _ j (29 2) 
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Figure 29.4 Output voltages generated from the 3-bit DAC in Ex. 29.1. 
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However, including the mismatch, the actual value of the i-th voltage is the sum of all of 
the resistances up to and including resistor i, divided by the sum of all of the resistances 
in the string. This can be represented by 

t Rk iR + ARk 
V, = VREF ■ ^— = VREF • *=' (29.4) 

The denominator does not include any mismatch error since it was assumed that the 
mismatches sum to zero as defined in Eq. (29.2). Notice that there is no resistor, R0, 
corresponding to V0 (see Fig. 29.2), and it is assumed that V0 is ground. Equation (29.4) 
can be rewritten as 

Vr- (i)Ä+Z Afl* 
*=i 2NR 

or finally, the value of the voltage at the j'-th tap is 

{I)VREF , VREF 

k=l 
„ +1fLIlARk (29.5) 

2N 2NR ■ • 

F,= * W - Ä £ ^ (29.6) 
2™ k=\ K 

Equation (29.6) is not of much importance by itself, but it can be used to help determine 
the nonlinearity errors. 

Integral Nonlinearity of the Resistor-String DAC 

Integral nonlinearity (INL) is defined as the difference between the actual and ideal 
switching points, or 

INL=Vi-VUdeal (29.7) 

and plugging in Eqs. (29.6) and (29.3) into (29.7) yields, 

m = fe£M* (298) 

Equation (29.8) is a general expression for the INL for a given resistor, Rt, and requires 
that the mismatch of all the resistances used in the summation are known. However, this 
equation does not illuminate how to determine the worst-case or maximum INL for a 
resistor string. 

Intuitively, one would think that the worst-case INL would occur at the top of the 
resistor string 0=2") with all of the ARk's at their maximum values. However, the 
previous derivation was performed with the assumption that the mismatches summed to 
zero. With this restriction, the maximum INL occurs at the midpoint of the string where i 
= 2N'\ corresponding to the case where the MSB was a one and all other bits were zero. 
Another condition that will ensure a worst-case scenario is to consider the lower half 
resistors at their maximum positive mismatch value and the upper half resistors at their 
maximum negative mismatch value, or vice versa. 

If the resistors on a string were known to have 2% matching, then ARk would be 
constrained to the bounds of 

- 0.02R <ARk< 0.02R (29.9) 
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and the worst-case INL (again, % matching = 0.02) using Eq. (29.8) would be, 

I j\TT I - VREF V ^ k - VREF 2 ■ AR k = ^ LSB ■ 2N ■ (% matching) = 0.01 VREF 
z- fci R 2N R 

(29.10) 

which for INL < 0.5 LSB requires 1/2" > (% matching). For 2% matching, the maximum 
number of bits, N, is then 5! For better than 0.2% matching N= 9 bits. 

Because the worst-case analysis was performed, the maximum INL occurs at the 
middle of the string. We can improve this specification on paper by using the "best-fit" 
approach to measuring INL. In this case, the reference line is simply shifted up slightly 
(refer to Ch. 28) so that it no longer passes through the end points, but instead minimizes 
the INL. 

Example 29.2 
Determine the effective number of bits for a resistor-string DAC, which is 
assumed to be limited by the INL. The resistors are passive poly resistors with a 
known relative matching of 1%, and Vg^ = 5 V. 

Using Eq. (29.10), the maximum INL will be 

\INL\max = 0.005 • VREF = 0.025 V 

Since we know that this maximum INL should be equal to V2 LSB in the worst 
case, 

^LSB = -4~r = 0.025 V 
2 2Ar+1 

and solving for N yields 

N=log. 
0.025 

1 = 6.64 bits 

This means that the resolution for a DAC containing a resistor string matched to 
within 1% will be, at most 6 bits. ■ 

Differential Nonlinearity of the Worst-Case Resistor-String DAC 

Resistor-string matching is not as critical when determining the DNL. Remembering that 
the definition of DNL is simply the actual height of the stair-step in the DAC transfer 
curve minus the ideal step height, we can write this in terms of the voltages at the taps of 
adjacent resistors on the string. Using Eq. (29.5), we can express this as, 

\Vi-Vt-x\ = (I)VREF + VREF 

2N ' 2 
ARk 

R 
{J-\)VREF +VREF 

2N 
'f ARk 

2N ' £ , R . 

which can be simplified to 

W,-V^\ = VREF(, ARJ 
2N V R 

(29.11) 

The DNL can then be determined by subtracting the ideal step height from Eq. (29.11), 

DNLi VREF(, ARJ 
2N V R 

VREF VREF AK, 
R IN 

(29.12) 
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and the maximum DNL will occur at the value of i for which AR is at its maximum value. 
If it is assumed once again that the resistors are matched to within 2 percent, the 
worst-case DNL will be 

DNL. 0.02 VREF ■■ 0.02 LSB (29.13) 

which is well below the lA LSB limit. The INL is obviously the limiting factor in 
determining the resolution of a resistor-string DAC as its maximum value is 2N times 
larger than the DNL. 

29.1.3 R-2R Ladder Networks 

Another DAC architecture that incorporates fewer resistors is called the R-2R ladder 
network. This configuration consists of a network of resistors alternating in value of R 
and 2R. Figure 29.5 illustrates an N-bit R-2R ladder. Starting at the right end of the 
network, notice that the resistance looking to the right of any node to ground is 2R. The 
digital input determines whether each resistor is switched to ground (noninverting input) 
or to the inverting input of the op-amp. Each node voltage is related to V^, by a 
binary-weighted relationship caused by the voltage division of the ladder network. The 
total current flowing from VmF is constant, since the potential at the bottom of each 
switched resistor is always zero volts (either ground or virtual ground). Therefore, the 
node voltages remain constant for any value of the digital input. 

2R 

VREF VREF Vm 

R 2 R 22 R 23 
VREF VREF 

R 2"-i R 2N 

DN~\ DN-2 DN-3 

MSB 

VOUT 

Figure 29.5 An R-2R digital-to-analog converter. 

The output voltage, v0UT , depends on currents flowing through the feedback 
resistor, RF, such that 

VOUT = -hör ■ RF (29.14) 

where iT0T is the sum of the currents selected by the digital input by 

W-lV-^-i (29.15) 

where Dk is the &-th bit of the input word with a value that is either a 1 or a 0. 
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This architecture, like the resistor-string architecture, requires matching to within 
the resolution of the converter. Therefore, the switch resistance must be negligible, or a 
small voltage drop will occur across each switch, resulting in an error. One way to 
eliminate this problem is to add dummy switches. Assume that the resistance of each 
switch connected to the 2R resistors is AR, as seen in Fig. 29.6. Dummy switches with 
one-half the resistance of the real switches are "hard-wired" so that they are always on 
and placed in series with each of the horizontal resistors. The total resistance of any 
horizontal branch, R', is 

/}/ = /} + M (29.16) 

The resistance of any vertical branch is 2R + AR, which is twice the value of the 
horizontal branch. Therefore, a R1 - 2R' relationship is maintained. Of course, a dummy 
switch equal to the switch size of a 2R switch will have to be placed in series with the 
terminating resistor as well. 

Dummy switch 
AR / (always on) 
2 / 

Figure 29.6 Use of dummy switches to offset switch resistance. 

Example 29.3 
Design a 3-bit DAC using an R-2R architecture with R = 1 kfl, RF= 2 kQ, and 
VREF= ^ V. Assume that the resistances of the switches are negligible. Determine 
the value of iT0T for each digital input and the corresponding output voltage, v0UT. 

Figure 29.7 shows the 3-bit DAC for a digital input of 001. The voltages at each 
node in the resistor network are labeled. For each switch, if the digital input bit is 
a zero, then the resistor is attached to the ground. If the bit is a one, then the 
resistor is attached to the virtual ground of the inverting input and current flows to 
the output of the op-amp. Therefore, for D^D^D^ = 000, all of the switches are 
connected to ground, no current flows through the feedback resistor, and the 
output voltage, v0UT, is zero. 

When Z)2Z)1£)0= 001, the rightmost resistor is switched to the op-amp inverting 
input and the other two resistors remain attached to ground. Therefore, the total 
current flowing through the feedback resistor is simply the current through the 
rightmost resistor, which is defined by Eq. (29.15) as 
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VREF 
8 ' 2000 

1 = 0.3126 mA 

and the output voltage, by Eq. (29.14) becomes, 

VOUT = -(0.3126 mA)(2000 Q) = -0.625 V 

which is to be expected. The other values for the output voltage can be calculated 
using Eqs. (29.14) and (29.15) and are seen in Fig. 29.8. ■ 

2.5 V 1.25 V 0.625 V 
5-Xlkfi \ lkfi \ l k n 1 

U v — r V W ^ t v W M — -

VOUT 

Figure 29.7 A 3-bit ̂ ?-2Ädigital-to-analog converter used in Ex. 29.3. 
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Figure 29.8 Output voltages generated from the 3-bit DAC in Example 29.3. 

29.1.4 Current Steering 

In the previous section, a voltage was converted into a current, which then generated a 
voltage at the output. Another DAC method uses current throughout the conversion. 
Known as current steering, this type of DAC requires precision current sources that are 
summed in various fashions. 
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Figure 29.9 illustrates a generic current-steering DAC. This configuration requires 
a set of current sources, each having a unit value of current, /. Since there are no current 
sources generating i0UT when all the digital inputs are zero, the MSB, D2N-2 , is offset by 
two index positions instead of one. For example, for a 3-bit converter, seven current 
sources will be needed, labeled from D0 to D6. The binary signal controls whether or not 
the current sources are connected to either i0UT or some other summing node (in this case 
ground). The output current, i0UT, has the range of 

0<iour<(2N-l)-I (29.17) 

and can be any integer multiple of I in between. An interesting issue to note is the format 
of the digital code required to drive the switches. Since there are 2 " - 1 current sources, 
the digital input will be in the form of a thermometer code. This code will be all ones 
from the LSB up to the value of the k-th bit, Dk, and all zeros above it. The point at which 
the input code changes from all ones to all zeros "floats" up or down and resembles the 
action of a thermometer, hence the name. Typically, a thermometer encoder is used to 
convert binary input data into a thermometer code. 

DiH-i Di^-% D 

l OUT 

Figure 29.9 A generic current-steering DAC. 

Another current-steering architecture is seen in Fig. 29.10. This architecture uses 
binary-weighted current sources, thus requiring only N current sources of various sizes 
versus 2N - 1 sources in the previous example. Since the current sources are binary 
weighted, the input code can be a simple binary number with no thermometer encoder 
needed. 

DN-X DN-2 D2 Di D 

^1 

2"-'/(T) 2N~2l(V) 4 /® 27® /(J 

S7 

'OUT 

Figure 29.10 A current-steering DAC using binary-weighted current sources. 



Chapter 29 Data Converter Architectures 975 

One advantage of the current-steering DACs is the high-current drive inherent in 
the system. Since no output buffers are necessary to drive resistive loads, these DACs are 
typically used in high-speed applications. Traditionally, high-speed current-steering 
DACs have been fabricated using bipolar technology. However, the ability to generate 
matched current mirrors makes CMOS an enticing alternative. Of course, the precision 
needed to generate high resolutions depends on how well the current sources can be 
matched or the degree to which they can be made binary weighted. For example, if a 
13-bit DAC was designed using these architectures, there would have to be 8,191 current 
sources resident on the chip, not an insignificant amount. For the binary-weighted 
sources, only 13 current sources would be needed. Yet the size of the largest current 
source would have to be 4,096 or 2NA times larger than the smallest. Even if the unit 
current, /, was chosen to be 5 uA, the largest current source would be 20.48 mA! 

Another problem associated with this architecture is the error due to the 
switching. Since the current sources are in parallel, if one of the current sources is 
switched off and another is switched on, a "glitch" could occur in the output if the timing 
was such that both of them were on or both were off for an instant. While this may not 
seem significant, if the converter is switching from 0111111 to 10000000, the output will 
spike toward ground and then back to the correct value if all the switches turn off for an 
instant. If the DAC is driving a resistive load and the output current is converted to a 
voltage, a substantial voltage spike will occur at the output. 

Example 29.4 
Construct a table showing the thermometer code necessary to generate the output 
shown in Fig. 29.1 la for a 3-bit current-steering DAC using unit current sources. 

(a) 

(b) 

1|0 0 0 0 0 0 0 0 0 0 0 0 0 
0 0 0 0 0 
0 0 0 0 0 

0 0 0 0 
i Tjoo o 
1 1 l|0 0 
1 1 1 llO 

Figure 29.11 (a) Output of a 3-bit current-steering DAC and (b) the thermometer code input. 

The thermometer code can be seen in Fig. 29.1 lb. When the code is all zeros, the 
output is 0 volts. Therefore, only 7 bits are needed to represent the 2N or 8 states of 
a 3-bit DAC. Note how the interface between all ones and all zeros actually 
resembles the output signal itself. ■ 
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Mismatch Errors Related to Current-Steering DACs 

Analysis of the mismatch associated with the current sources is similar to the resistor 
string analysis. It is assumed that each current source in Fig. 29.9 is 

/ t = / + A / t for it =1,2,3, ,2N-\ (29.18) 

where / is the ideal value of the current and AIt is the error due to mismatch. If it is again 
assumed that the AIK terms sum to zero and that one-half of the current sources contain 
the maximum positive mismatch, A/mai, and the other half contains the maximum 
negative mismatch, - AImax, (or vice versa), then the worst-case condition will occur at 
midscale with the actual output current being 

/<»i=E {I+Mk) = 2N'x -I+2N-X ■ \M\max=IomMeai + 2N-' ■ \M\max (29.19) 

Since the INL is simply the actual output current minus the ideal, the worst-case INL is 

\INL\max = 2N-'-W\maxJNL (29.20) 

The term, \^I\maxJNL represents the maximum current source mismatch error that will keep 
the INL less than !4 LSB. Each current source represents the value of 1 LSB; therefore, 14 
LSB is equal to 0.5 /. Because the maximum INL should correspond to the !4 LSB, 
equating Eq. (29.20) to !4 /results in the value for \AI\maxINL, 

| A / U W i = ̂  = ̂  (29.21) 

Equation (29.21) illustrates the difficulty of using this architecture at high resolutions. If 
the value of I is set to be 5 uA, and the JV is desired to be 12 bits, then 

|A/U,m = ^^P- = 1.221 nA! (29.22) 

which means that each of the 5 ^A current sources must lie between the bounds of, 

4.99878 \xA < h < 5.001221 uA (29.23) 

to achieve a worst-case INL, which is within 14 LSB error. 

The DNL is easily obtained since the step height in the transfer curve is equivalent 
to the value of the ideal current source, /. The maximum difference between any two 
adjacent values of output current will simply be the value of the single source, Ik, which 
contains the largest mismatch error for which the DNL will be less than 14 LSB, |A/]mal£Wi: 

Ioui(x)-Iout(x-\)=h + W\max,DNL (29.24) 

Therefore, the DNL is simply 

\DNL\max =Ik+\tJ\ maxJ)NL -Ik=\AI\ maXtDNL (29.25) 

Equating the maximum DNL to the value of !4 LSB, 

| A / U z m = 1 ^ 0 = 1 / (29.26) 

which is much easier to attain than the requirement for the INL. 
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For the binary-weighted current sources seen in Fig. 29.10, a slightly different 
analysis is needed to determine the requirements for INL and DNL. In this case, it will be 
assumed that the current source corresponding to the MSB (D^) has a maximum positive 
mismatch error value and that the remainder of the bits (£>0 to DN2) contain a maximum 
negative mismatch error, so that the sum of all the errors equals zero. The INL is 

\INL\max = 2N~\1+ \M\maxJNL) - 2"-1 • / = 2*-1 • W\maxJNL (29.27) 

which is equivalent to the value of the current steering array in Fig. 29.9. 

The DNL is slightly different because of the binary weighting of the current 
sources. One cannot add a single current source with each incremental increase in the 
digital input code. However, the worst-case condition for binary-weighted arrays tends to 
occur at midscale when the code transitions from 011111....Ill to 100000....000. The 
worst-case DNL at this point is 

DNLmax = 

which can be written as 

• (/+ | A / | m a ; a m ) - I 2*"1 • ( / - |A/|max>DiVL) 
k=\ 

-I (29.28) 

DNLmax = 2"-> • (/+ \M\maxnNL) -(2""> - 1) • ( / - \M\maxmL)-I={2N-\) ■ |A/| maxJDNL 
(29.29) 

I A/| maxmL = ^ 7 = W—7 (29-30) 

and setting this value equal to 14 LSB and solving for A/m 

0.5/ / 
2N-\ 

Therefore, the DNL requirements for the binary-weighted current source array is more 
stringent than the INL requirements. 

One interesting issue regarding the previous derivation is that the challenging 
accuracy requirements in Eq. (29.30) are placed only on the MSB current source. For 
each of the remaining binary-weighted sources, the DNL requirements become more 
relaxed. This is simply because the size of the MSB source is equivalent to all of the other 
sources combined, and so its value plays the most important role in the DAC's accuracy. 

Example 29.5 
Determine the tolerance of the MSB current source on a 10-bit binary-weighted 
current source array with a unit current source of 1 uA, which will result in a 
worst-case DNL that is less than 14 LSB. 

Since Eq. (29.30) defines the maximum |A/| needed to keep the DNL less than 14 
LSB, we must first use this equation, 

\^\max,DNL = 1 ^ r j - 0-4888 nA 

For a 10-bit DAC, the MSB current source will have a value that is 29 times larger 
than the unit current source, or 0.512 mA. Therefore, the range of values for 
which this array will have a DNL that is less than 14 LSB is 

0.51199995 mA < L , < 0.5120004888 mA ■ 
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29.1.5 Charge-Scaling DACs 

A very popular DAC architecture used in CMOS technology is the charge-scaling DAC. 
Shown in Fig. 29.12a, a parallel array of binary-weighted capacitors, totaling 2NC, is 
connected to an op-amp. The value, C, is a unit capacitance of any value. After initially 
being discharged, the digital signal switches each capacitor to either V^ or ground, 
causing the output voltage, vOUT, to be a function of the voltage division between the 
capacitors. 

Reset 

VREF 

—1—0 #-1/^—1— iN-lr1-*— Ar< —1— o/"* —L /"> —1— ^=2N-lC^=2N-2C=y4C =t=2C =f= 

L UI--IÜ IX-M 
-c =^c 

tai-^=a 
DN. DN.; D2 

VOUT 

\7 

(a) 

Do 

2"-'C 
VREF ■ 

_L?Jv-i 

5 2
« - i c 

VOUT 

(b) 

Figure 29.12 (a) A charge-scaling DAC, (b) the equivalent circuit with the MSB = 1, 
and all other bits set to zero. 

The capacitor array totals 2NC. Therefore, if the MSB is high and the remaining 
bits are low, then a voltage divider occurs between the MSB capacitor and the rest of the 
array. The analog output voltage, v0UT, becomes 

VOUT = VREF ■ 
•>N-\, 

ßN-l + 2N-2 + 2^-3 + ... + 4 + 2 + 1 + 1)C 
VREF-

lC Vl REF 

2NC 2 

(29.31) 

which confirms the fact that the M S B changes the output of a D A C by lA VMF. Figure 
29.12b shows the equivalent circuit under this condition. The ratio between v0UT and V^ 
due to each capacitor can be generalized to 

2 C ir T/fc-JV VOUT = —fi- ■ VREF = 2 ■ VREF (29.32) 

where it is assumed that the &-th bit, Dk, is one and all other bits are zero. Superposition 
can then be used to find the value of vOUT for any digital input word by 

V0UT=tDk2k-N-VREF 
*=0 

(29.33) 
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One limitation of this architecture as shown in Fig. 29.12a is the existence of a 
parasitic capacitance at the top plate of the capacitor array due to the op-amp. This will 
prohibit its use as a high-resolution data converter. A better implementation would 
include the use of a parasitic insensitive, switched-capacitor integrator (see Ch. 25) as the 
driving circuit. However, the capacitor array itself is the critical component of this data 
converter and is used in charge redistribution ADCs (Sec. 29.2.5). 

The INL and DNL calculations for the binary-weighted capacitor array are 
identical to those for the binary-weighted current source array, except that the unit current 
source, /, and its corresponding error term, A/, are replaced by C and AC in Eqs. (29.27) -
(29.30). 

Example 29.6 
Design a 3-bit charge-scaling DAC and find the value of the output voltage for 
Z)2D,£)0= 010 and 101. Assume that VmF= 5 V and C= 0.5 pF. 

The 3-bit DAC can be seen in Fig. 29.13a. The equivalent circuits for the 
capacitor array can be seen in Fig. 29.13b and c. The value of the output voltage 
can be calculated by either using Eq. (29.32) or the equivalent circuits and 
performing the voltage division. Vor D = 010, the equivalent circuit in Fig. 29.13b 
yields 

VOUT- VREF-(\)- 1.25 V 

Using Eq. (29.33) to calculate v0UT for D = 101 yields 

VOUT = t Dk2k~N ■ VREF = [1 • (2"3) + 0 • (2"2) + 1 • (2-1)] • 5 = ( i + \) ■ 5 = 3.125 V 

which is the result expected. ■ 
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X 
5V 

1 1 1 1 
\ T2PF T 1 P F T 5 P F T 5 P F 

i 1 i 1 i I X7 
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5 V—11—T vouT 

(b) 

3pF 

VOUT 

D2 Di Do 
(a) 

2.5 pF 
5 V—1|—» VOUT 

(c) 

Figure 29.13 (a) A 3-bit charge-scaling DAC used in Ex. 29.6 and 
the equivalent circuits inputs equal to (b) 010 (c) 101. 



980 CMOS Circuit Design, Layout, and Simulation 

Layout Considerations for a Binary- Weighted Capacitor Array 

One problem with this converter is the need for precisely ratioed capacitors. As the 
number of bits increase, the ratio of the MSB capacitor to the LSB capacitor becomes 
more difficult to control. For example, Fig. 29.14a shows a 3-bit binary capacitor array 
using three capacitors. When the capacitor is fabricated, undercutting of the mask causes 
an error in the ratio of the capacitors, creating potentially large DNL and INL errors as N 
increases. 

One solution to this problem is seen in Fig. 20.14b. Here, each capacitor in the 
array is constructed out of a unit capacitance. Undercutting then affects all of the 
capacitors in the same way, and the ratio between capacitors is maintained. Another 
problem that affects even this layout strategy is a nonuniform oxide growth. Gradients 
result in errors in the ratios of the capacitors. Figure 29.14c illustrates another layout 
strategy that overcomes this issue. The capacitors are laid out in a common-centroid 
scheme so that the first-order oxide errors average out to be the same for each capacitor. 

Undercutting 
r "! 

rvj. 

f- i 

.--' 

r - i 

rir T«l 

toxA 

AC 2C C 
(b) 

. Nonuniform 
oxide gradient 

Figure 29.14 Layout of a binary-weighted capacitor array using (a) single capacitors 
(b) unit capacitors to minimize undercutting effect, and (c) common-
centroid to minimize oxide gradients. 

The Split Array 

The charge-scaling architecture is very popular among CMOS designers because of its 
simplicity and relatively good accuracy. Although a linear capacitor is required using 
poly2, high resolutions in the 10- to 12-bit range can be achieved. Passive, double-poly 
capacitors have good matching accuracy as well. However, as the resolution increases, the 
size of the MSB capacitor becomes a major concern. For example if the unit capacitor, C, 
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were 0.5 pF, and a 16-bit DAC were to be designed, the MSB capacitor would need to be 

CMSB = 2N~X ■ 0.5 pF= 16.384 nF (29.34) 

If the capacitance between polyl and poly2 is nominally 25 fF/um2, then the area required 
for this one capacitor is (roughly) 800 by 800 urn2. 

One method of reducing the size of the capacitors is to use a split array. A 6-bit 
example of the array is pictured in Fig. 29.15. This architecture is slightly different from 
the charge-scaling DAC pictured in Fig. 29.13 in that the output is taken off a different 
node and an additional attenuation capacitor is used to separate the array into a LSB array 
and a MSB array. Note that the LSB, D0, now corresponds to the leftmost switch and that 
the MSB, D5, corresponds to the rightmost switch. The value of the attenuation capacitor 
can be found by 

sum of the LSB array capacitors 
sum of the MSB array capacitors Ca c (29.35) 

where the sum of the MSB array equals the sum of LSB capacitor array minus C. The 
value of the attenuation capacitor should be such that the series combination of the 
attenuation capacitor and the LSB array, assuming all bits are zero, equals C. 

Attenuation capacitor 

Reset 

^ 

C 
I ± _ _ L " 1 . J_„„± ■2C =F4C C =F2C =F4C Reset r 'VOUT 

Do D, D2 Di D4 D5 

LSB array MSB array 

Figure 29.15 A charge-scaling DAC using a split array. 

Example 29.7 
Using the 6-bit charge-scaling DAC shown in Fig. 29.15, (a) show that the output 
voltage will be \ ■ VREF if (a) D5D4DiD2DlDQ = 100000 and (b) the output will 
be ^ • VREF if DsD4D3D2DlD0 = 000001. 

(a) If D5= 1 and the remaining bits are all zero, then the equivalent circuit for the 
DAC can be represented by Fig. 29.16a. The expression for the output voltage 
then becomes 
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(b) For the second case, the equivalent circuit can be seen in Fig. 29.16b. The 
intermediate node voltage, VA, is simply the voltage division between the C 
associated with D0 and the remainder of the circuit, or 

1 1 
VA = VREF ■ ( TA 

The output voltage can be written as 

VOUT =VA-J 
7 

Plugging Eq. (29.36) into Eq. (29.37) yields 
0 

VOUT = VREF 

which is the desired result. ■ 

-7 57 
VA 

8 _ VREF 
(8-57)+ 56 64 

VREF (29.36) 

(29.37) 

(29.38) 

AC 

T 3 C T ' C 

C c 

VOUT 1 'I 1 r r VOUT 

(a) (b) 

Figure 29.16 Equivalent circuits for Example 29.7. 

29.1.6 Cyclic DAC 

The cyclic DAC uses only a couple of simple components to perform the conversion. As 
seen in Fig. 29.17, a summer adds V^ or ground to the feedback signal depending on the 
input bits. An amplifier with a gain of 0.5 feeds the output voltage back to the summer 
such that the output at the end of each cycle depends on the value of the output during the 
cycle before. Notice that the input bits must be read in a serial fashion. Therefore, the 
conversion is performed one bit at a time, resulting in N cycles required for each 
conversion. The voltage output at the end of the M-th cycle of the conversion can be 
written as 

vouiin) = [D„-\ ■ VREF + -r-vA{n -)Ji (29.39) 

with a condition such that the output of the S/H is initially zero [v (̂0) = 0 V]. 

The accuracy of this converter is dependent on several factors. The gain of the 0.5 
amplifier needs to be highly accurate (to within the accuracy of the DAC) and is usually 
generated with passive capacitors. Similarly, the summer and the sample-and-hold also 
need to be JV-bit accurate. Limitations of the converter due to these fundamental building 
blocks will be discussed in more detail in Sec. 29.2.3. Since this converter uses a pseudo-
"sampled-data" approach, implementing this architecture using switched capacitors is 
relatively easy. 
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Figure 29.17 A cyclic digital-to-analog converter. 

Example 29.8 
Show the value of the output voltage at the end of each cycle for a 6-bit cyclic 
DAC with an input value of DSDAD3D2 £>,A>= * 10101. Assume that FÄ£F= 5 V. 

We can predict the value of the output based on our previous experience with 
DACs. The digital input 110101 corresponds to 5310. Therefore, the output voltage 
due to this input should be 

53 
64 VOUT'- VREF = 4.140625 V 

Now examine the cyclic converter in Fig. 29.17. By performing a 6-bit conversion 
and using Eq. (29.39), the outputs occurring at the end of each cycle can be seen 
in Fig. 29.18. 

The output voltage at the end of the sixth cycle is precisely what was 
predicted. Note that had this been a 3-bit conversion, the output voltage at the end 
of cycle 3 would correspond to the value of the 3-bit DACs studied previously 
with an input of 101. ■ 
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VouM) 
Vi (5 + 0) = 2.5 V 
Vi (0 + 2.5)= 1.25 V 
1/2(5+1.25) = 3.125 V 
Vi (0 + 3.125)= 1.5625 V 
Yi (5 +1.5625) = 3.28125 V 
Vi (5 + 3.28125) = 4.140625 V 

Figure 29.18 Output from the 6-bit cyclic DAC used in Ex. 29.8. 
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29.1.7 Pipeline DAC 

The cyclic converter presented in the last section takes N clock cycles per N-bit 
conversion. Instead of recycling the output back to the input each time, we could extend 
the cyclic converter to N stages, where each stage performs one bit of the conversion. 
This extension of the cyclic converter is called a pipeline DAC and is seen in Fig. 29.19. 
Here, the signal is passed down the "pipeline," and as each stage works on one 
conversion, the previous stage can begin processing another. Therefore, an initial N clock 
cycle delay is experienced as the signal makes its way down the pipeline the very first 
time. After the N clock cycle delay, a conversion takes place at every clock cycle. 

i£>, )Dl 

VREF " V«EF 

Figure 29.19 A pipeline digital-to-analog converter. 

Besides the N clock cycle delay, this architecture can be very fast. However, the 
amplifier gains must be very accurate to produce high resolutions. Also, this architecture 
uses N times more circuitry than that of the cyclic, so there is a trade-off between speed 
and chip area. The output voltage of the «-th stage in the converter can be written as 

I 
2 V0UT(n) = [D„-\ ■ VREF + V0UT(n-\)] • (29.40) 

The operation of each stage in the pipeline can be summarized as follows: if the input bit 
is a 1, add FR£F to the output of the previous stage, divide by two, and pass the value to 
the next stage. If the input bit is a 0, simply divide the output of the previous stage by two 
and pass along the resulting value. 

Example 29.9 
Find the output voltage for a 3-bit pipeline DAC for three cases: DA = 001, DB = 
110, and Dc = 101. Show that the conversion time to perform all three conversions 
is five clock cycles using the pipeline approach. Assume that VmF = 5 V. 

The first stage operates on the LSBs of each word; the second stage operates on 
the middle bits; and the last stage, the MSBs. Based on the pipeline strategy, once 
the LSB of the first input word is performed and passed on, the LSB of the second 
word, DB, can begin its conversion. Similarly, once the LSB of the second stage is 
completed and passed on, the LSB of the third word, Dc , can begin. The 
conversion cycle for all three input words produces the output shown in Fig. 
29.20. The items that are in bold are associated with the first input word, DA , 
whereas the italicized numbers represent the values associated with DB and the 
underlined items, Dc. 
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Clock Cycle vou. 
1 2.5 

2 0 
3 2,5 
4 
5 

Figure 29.20 Output from the 3-bit pipeline DAC used in Example 29.9. 

The first output of the DAC is not valid until the end of the third clock cycle and 
should look familiar as the 3-bit DAC output for an input word of £>2Z), D0 = 001. 
The following two clock cycles that produce outputs for D2 D{ D0 equal 110 and 
101, respectively. ■ 

29.2 ADC Architectures 
A survey of the field of current A/D converter research reveals that a majority of effort 
has been directed to four different types of architectures: pipeline, flash-type, successive 
approximation, and oversampled ADCs. Each has benefits that are unique to that 
architecture and span the spectrum of high speed and resolution. 

Since the ADC has a continuous, infinite-valued signal as its input, the important 
analog points on the transfer curve x-axis for an ADC are the ones that correspond to 
changes in the digital output word. These input transitions determine the amount of INL 
and DNL associated with the converter. 

29.2.1 Flash 

Flash or parallel converters have the highest speed of any type of ADC. As seen in Fig. 
29.21, they use one comparator per quantization level (2™ - 1) and 2N resistors (a 
resistor-string DAC). The reference voltage is divided into 2N values, each of which is fed 
into a comparator. The input voltage is compared with each reference value and results in 
a thermometer code at the output of the comparators. A thermometer code exhibits all 
zeros for each resistor level if the value of vm is less than the value on the resistor string, 
and ones if vIN is greater than or equal to voltage on the resistor string. A simple 2N -l:N 
digital thermometer decoder circuit converts the compared data into an TV-bit digital word. 
The obvious advantage of this converter is the speed with which one conversion can take 
place. Each clock pulse generates an output digital word. The advantage of having high 
speed, however, is counterbalanced by the doubling of area with each bit of increased 
resolution. For example, an 8-bit converter requires 255 comparators, but a 9-bit ADC 
requires 511! Flash converters have traditionally been limited to 8-bit resolution with 
conversion speeds of 10-40 Ms/s using CMOS technology. The disadvantages of the 
Flash ADC are the area and power requirements of the 2N— 1 comparators. The speed is 
limited by the switching of the comparators and the digital logic. 
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Digital 
output 

Figure 29.21 Block diagram of a Flash ADC. 

Example 29.10 
Design a 3-bit Flash converter, listing the values of the voltages at each resistor 
tap, and draw the transfer curve for vIN= 0 to 5 V. Assume VMF = 5 V. Construct a 
table listing the values of the thermometer code and the output of the decoder for 
vm =1.5, 3.0, and 4.5 V. 

The 3-bit converter can be seen in Fig. 29.22. As the values of all the resistors are 
equal, the voltage of each resistor tap, Vi, will be Vi = V^ ( |J where / is the 
number of the resistor in the string for i = 1 to 7. Obviously, K, = 0.625 V, V2 = 
1.25 V, F3 = 1.875 V, V4 = 2.5 V, V5 = 3.125, V6 3.75 V, V7 = 4.375 V. 
Therefore, when vlN first becomes equal or greater than each of these values, a 
transition will occur in the transfer curve. The transfer curve can be seen in Fig. 
29.23 and should look similar to those seen in Ch. 28. The quantization levels and 
their corresponding thermometer codes are summarized in Fig. 29.24. 

The transfer curve of this ADC corresponds to the ADC with quantization 
error centered about +lA LSB, as discussed in Ch. 28 (Fig. 28.20). To shift the 
curve by Vi LSB so that the code transitions occur around the LSB values and the 
quantization error is centered around 0 LSB, the value of the last resistor in the 
string would have to be adjusted to | and the value of the MSB resistor, closest to 
the reference voltage, would have to be made 1.5/?. Then the first code transition 
would occur at vIN = 0.3125 V, and the last code transition would occur at vlN = 
4.0625, and so the transfer curve would exactly match that of Fig. 28.20. 
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Figure 29.22 Three-bit Flash A/D converter to be used in Ex. 29.10. 
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Figure 29.23 Transfer curve for the 3-bit Flash converter in Example 29.10. 
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VIN 

0<vm< 0.625 V 
0.625 V<v/iv< 1.25 V 

1.25 V<v;jv< 1.875 V 

1.875 V < v m < 2.5 V 
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Figure 29.24 Code transitions for the Flash ADC used in Ex. 29.10. 

Based on Fig. 29.24, when vIN = 1.5 V, only comparators C, and C2 will have 
outputs of 1, since both Vx and V2 are less than 1.5 V. The remaining comparator 
outputs will be 0 since V} through V% will be greater than 1.5 V, thus generating 
the thermometer code, 0000011. The encoder must then convert this into a 3-bit 
digital word, resulting in 010. The same reasoning can be used to construct the 
data shown in Fig. 29.25. It should be obvious that if the polarity of the 
comparators were reversed, the thermometer code would be inverted. ■ 

"/AT 

1.5 
3.0 
4.5 

Figure 29.25 Output for the Flash ADC used in Ex. 29.10. 

Accuracy Issues for the Flash ADC 

Accuracy depends on the matching of the resistor string and the input offset voltage of the 
comparators. From our discussions earlier, we know that an ideal comparator should 
switch at the point at which the two inputs, v+ and v_, are the same potential. However, the 
offset voltage, Vos, prohibits this from occurring as the comparator output switches states 
as follows: 

v = 1 when v. > v + V (29.41) 
o + — - os v / 

vo=0 when v+ < v_ + Vos (29.42) 

The resistor-string DAC was analyzed and presented in Sec. 29.1.2; the voltage on the 
j-th tap of the resistor string was found to be 

V,= Vudeal + ^f±^ (29.43) 
2™ k=\ K 
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where Vudeal is the voltage at the i-th tap if all the resistors had an ideal value of R. The 
term, ARk, is the value of the resistance error (difference from ideal) due to the mismatch. 
Note that for the resistor-string DAC, the sum of the mismatch terms plays an important 
factor in the overall voltage at each tap. 

The switching point for the i-th comparator, Vswi, then becomes 

Vsw,i = V, + V„4 (29.44) 

where Vos i is the input referred offset voltage of the i-th comparator. The INL for the 
converter can then be described as 

iiV/j — ' sw,i ' sw,ideal * sw,i ' i,ideal yZy.^J) 

which becomes 

INL=lML.±^L+Vos. ( 29.46 ) 

The worst-case INL will occur at the middle of the string (i = 2""1), as described in Sec. 
29.1.2 and Eq. (29.10). Including the offset voltage, the maximum INL will be 

\ m m a x = - ^ f • S ^ +1vOSJ\max = vREF ■ g • \ARk\max +1v0SAmax 

(29.47) 

which can be rewritten as 

+ | r« , -U (29.48) 

where it is assumed that the maximum positive mismatch occurs in all the resistors in the 
lower half of the string and the maximum negative mismatch occurs in the upper half (or 
vice versa) and that the comparator at the i-th tap contains the maximum offset voltage, 
|KoJmal. Notice that the offset contributes directly to the maximum value for the INL. 
This explains another limitation to using Flash converters at high resolutions. The offset 
voltage alone can make the INL greater than 'A LSB. 

Example 29.11 
If a 10-bit Flash converter is designed, determine the maximum offset voltage of 
the comparators which will make the INL less than V2 LSB. Assume that the 
resistor string is perfectly matched and KM/r = 5 V. 

Equation (29.48) requires that the offset voltage equal V2 LSB. Therefore, 

I^Lo , = ̂ T = 2.44mV ■ 

The DNL calculation for the Flash converter is also attained using the analysis 
first presented in Sec. 29.1.2. Using the definition of DNL, 

DNL = VswJ - VswM - 1 LSB (in volts) (29.49) 

Plugging in Eq. (29.44), 

DNL = V, + Vos,i - Vi-x - VmJ-i - 1 LSB (29.50) 

\INL\mac = J ^ ' ARk 
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which can be written by using Eq. (29.6) as 

DNL = Vitfeal - Vi-Udeal + ^ f ~ + V„j - V„^ - 1 LSB (29.5 1) 

which becomes 

R 

DNL VREF . M i , v _ v . . 
LJiyi^ — pj „ T- v 0Sj v os,i-l 

(29.52) 

The maximum DNL will occur, assuming A/?, is at its maximum, Vosi is at its maximum 
positive value, and Vosi, is at its maximum negative voltage. Thus, 

\DNL\max = VREF 
2N 

ARi 
R 

+ 2\V0: (29.53) 

which assumes that the maximum offset voltage in the positive and negative directions 
are symmetrical. Therefore, both resistor-string matching and offset voltage affect the 
DNL of the converter. 

29.2.2 The Two-Step Flash ADC 

Another type of Flash converter is called the two-step Flash converter or the parallel, 
feed-forward ADC. The basic block diagram of a two-step converter is seen in Fig. 29.26. 
The converter is separated into two complete Flash ADCs with feed-forward circuitry. 
The first converter generates a rough estimate of the value of the input, and the second 
converter performs a fine conversion. The advantages of this architecture are that the 
number of comparators is greatly reduced from that of the Flash converter—from 2^—1 
comparators to 2(2W2 - 1) comparators. For example, an 8-bit Flash converter requires 
255 comparators, while the two-step Flash requires only 30. The trade-off is that the 
conversion process takes two steps instead of one, with the speed limited by the 
bandwidth and settling time required by the residue amplifier and the summer. The 
conversion process is as follows: 

VlN ■ 

MSB 
ADC 

MSBs 

y y y v 

DAC 

-XT-XT 

Subtractor Residue 
amp 

LSB 
ADC 

LSBs 

v v v v. 
Latches 

Av_, DN-2 D2 D, Do 
Digital output 

Figure 29.26 Block diagram of a two-step Flash ADC. 
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1. After the input is sampled, the most significant bits (MSBs) are converted by the 
first Flash ADC. 

2. The result is then converted back to an analog voltage with the DAC and 
subtracted with the original input. 

3. The result of the subtraction, known as the residue, is then multiplied by 2N'2 and 
input into the second ADC. The multiplication not only allows the two ADCs to 
be identical, but also increases the quantum level of the signal input into the 
second ADC. 

4. The second ADC produces the least significant bits through a Flash conversion. 

Some architectures use the same set of comparators in order to perform both steps. 
The multiplication mentioned in step 3 can be eliminated if the second converter is 
designed to handle very small input signals. The accuracy of the two-step ADC depends 
primarily on the linearity of the first ADC. 

Figure 29.27 illustrates the two-step nature of the converter. A more intuitive 
approach can be explained with this picture. The first conversion identifies the segment in 
which the analog voltage resides. This is also known as a coarse conversion of the MSBs. 
The results of the coarse conversion are then multiplied by 2M2 so that the segment within 
which V1N resides will be scaled to the same reference as the first conversion. The second 
conversion is known as the fine conversion and will generate the final LSBs using the 
same Flash approach. One can see why the accuracy of the first converter is so important. 
If the input value is close to the boundary between two coarse segments and the first ADC 
is unable to choose the correct coarse segment, then the second conversion will be 
completely erroneous. The following example further illustrates the two-step algorithm. 

VREF 

Fine 
1 o conversion 

01 

00 

Figure 29.27 Coarse and fine conversions using a two-step ADC. 

Example 29.12 
Assume that the two-step ADC shown in Fig. 29.26 has four bits of resolution. 
Make a table listing the MSBs, Vv V2, V3, and the LSBs for VIN = 2, 4, 9, and 15 V 
assuming that V^ = 16 V. 

Since V^ was conveniently made 16 V, each LSB will be 1 V. If Vm = 2 V, the 
output of the first 2-bit Flash converter will be 00 since VREF= 16 V and each 
resistor drops 4 V. The output of the 2-bit DAC, Vv will therefore be 0, resulting 
in V2 = 2 V. The multiplication of V2 by the 4 results in F3 = 8 V. Remember that 
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10-

—» 
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conversion * 

2m 
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each 2-bit Flash converter resembles that of Fig. 29.21. The thermometer code 
from the second Flash converter will be 0011, which results in 10 as the LSBs. 
The other values can be calculated as seen in Fig. 29.28. ■ 
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Figure 29.28 Output for the Flash ADC used in Ex. 29.12. 

Accuracy Issues Related to the Two-Step Flash Converters 

As stated previously, the overall accuracy of the converter depends on the first ADC. The 
second Flash must have only the accuracy of a stand-alone Flash converter. This means 
that if an 8-bit, two-step Flash converter contains two 4-bit Flash converters, the second 
Flash needs only to have the resolution of a 4-bit Flash, which is not difficult to achieve. 
However, the first 4-bit Flash must have the accuracy of an 8-bit Flash, meaning that the 
worst-case INL and DNL for the first 4-bit Flash must be less than ±Vi LSB for an 8-bit 
ADC. Thus, the resistor matching and comparators contained in the first ADC must 
possess the accuracy of the overall converter. Refer to Sec. 29.2.1 for derivations on INL 
and DNL for a Flash. The DAC must also be accurate to within the resolution of the 
ADC. 

Accuracy Issues Related to the Operational Amplifiers 

With the addition of the summer and the amplifier, other sources of accuracy errors are 
present in this converter. The summer and the amplifier must add and amplify the signal 
to within ±lA LSB of the ideal value. It is difficult to implement standard operational 
amplifiers within high-resolution data converters because of these accuracy requirements. 
The nonideal characteristics of the op-amp are well known and in many cases alone limit 
the accuracy of the data converter. In this case, the amplifier is required to multiply the 
residue signal by some factor of two. Although this may not seem difficult at first glance, 
a closer examination will reveal a dependency on the open-loop gain. 

Suppose that the amplifier were being used in a 12-bit, two-step data converter. 
Remember that in order for a data converter to be TV-bit accurate, the INL and DNL need 
to be kept below ±54 LSB and one-half of an LSB can be defined as 

0.5LSB = - p f (29.54) 

Since the output of the amplifier gets quantized to 6 bits, the amplifier would need to be 
6-bit accurate to within ±Vi LSB, resulting in an accuracy of 

Accuracy = — ?'5 LSB ,„—r = ^ - 7 = 7 ^ = 0.0078 = 0.78% (29.55) 
J Full scale range (VREF) 26+1 128 v ' 

And suppose that a feedback amplifier with a gain of 64, or 2NI2, is used as the residue 
amplifier. The gain would need to be within the following range: 
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63.5 V/V < ACL < 64.5 V/V (29.56) 

where ACL is the closed-loop gain of the amplifier. Already, one can see the limitations of 
using operational amplifiers with feedback in high-accuracy applications. Designing an 
op-amp based amplifier with a high degree of gain accuracy can be difficult. 

Generalizing this concept for an jV-bit application requires knowledge of feedback 
theory discussed in Ch. 24. The closed-loop gain of the amplifier is expressed as 

A V0 A QL 
V< 1+^Oiß 

(29.57) 

where AOL is the open-loop gain of the amplifier and ß is the feedback factor. Also, from 
Ch. 24, it is known that as A0L increases in value, the closed-loop gain, ACL, approaches 
the value of 1/ß. Therefore, if it is assumed the closed-loop gain of the amplifier equals 
the ideal value of 1/ß minus some maximum deviation from the ideal, AA, then, 

Aa = % = T7Xrt = ji-M (29-58) 

where 1/ß is the desired value of the closed-loop gain (usually some factor of 2N) and AA 
is the required accuracy (±lA LSB) of the gain (i.e., (1/ß) ■ ( l ^ ^ 1 ) ) . The right two terms 
of Eq. (29.58) can be solved for the open-loop gain of the amplifier, 

1 oJV+l 

\AoL\ = p2™-l)«±ö- <2 9-5 9> 
If the op-amp is used as a gain of 64 (1/ß) and is required to amplify signals with 6-bit 
accuracy, then the open-loop gain of the amplifier must be at least l^oil^ 
128 • 64 = 8,192 V/V. This is certainly an achievable specification. However, notice that 
for every bit increase in resolution, the open-loop gain requirement doubles. This is one 
reason two-step Flash converters are limited in resolution to approximately 12 bits (or 
less in a nanometer CMOS process). 

The unity-gain frequency, fm , required of an op-amp used in or with a data 
converter for a specific settling time t, (where t<Tcikl2=\l2fcik) can be estimated 
assuming linear settling, and requiring the output of the op-amp be 54 LSB accurate, by 

i f w\r\2N+x 

Vout = Voutfinal(l ~ T ^ f ) = Voulfma((l - e in) OT j u n > — g 

(29.60) 

This equation can be used to determine the minimum op-amp gain-bandwidth product (= 
fun) needed to achieve a specific settling time provided the op-amp slew-rate doesn't 
come into play and the op-amp can be modeled as a first-order system. 

Linearity of the amplifier is another aspect of amplifier performance that must be 
considered when designing ADCs. The amplifier must be able to linearly amplify the 
input signal over an input voltage range to within Vi LSB of the number bits that its 
output is quantized. If the amplifier is not designed correctly, nonlinearity is introduced as 
devices in the amplifier go into nonsaturation. Harmonic distortion occurs, resulting in an 
error within the ADC. Linearity is typically measured in terms of total harmonic 
distortion, or THD, (refer to Sec. 21.3.3). However, the transfer curve illustrates the 
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Linearity error 

Gain error 

Figure 29.29 An op-amp transfer curve that distinguishes between gain error 
and linearity error. 

limitation more effectively. Figure 29.29 shows a transfer curve of an op-amp with a gain 
of two. The ideal transfer curve is shown if the input range is known to be between -1 
and 1 V. The actual transfer curve shows nonlinearity introduced at both ends of the input 
range. In order for the amplifier to be N-bit accurate, the slope of the actual transfer curve 
may not vary from the ideal by more than the accuracy required at the output of the 
amplifier. Note also in Fig. 29.29 the subtle difference between a gain error and 
nonlinearity. However, a gain error is much less harmful to an ADC's performance than 
harmonic distortion. 

29.2.3 The Pipeline ADC 

After examining the two-step ADC, one might wonder whether there is such a converter 
as a three-step or four-step ADC. In actuality, one could divide the number of conversions 
into many steps. The pipeline ADC is an jV-step converter, with 1 bit being converted per 
stage. Able to achieve high resolution (10-13 bits) at relatively fast speeds, the pipeline 
ADC consists of N stages connected in series (Fig. 29.30). Each stage contains a 1-bit 
ADC (a comparator), a sample-and-hold, a summer, and a gain of two amplifier. Each 
stage of the converter performs the following operation: 

1. After the input signal has been sampled, compare it to —^. The output of each 
comparator is the bit conversion for that stage. 

2. If vm > -—■ (comparator output is 1), —^ is subtracted from the held signal and 

pass the result to the amplifier. If vIN < —^ (comparator output is 0), then pass 
the original input signal to the amplifier. The output of each stage in the converter 
is referred to as the residue. 

3. Multiply the result of the summation by 2 and pass the result to the sample-
and-hold of the next stage. 

A main advantage of the pipeline converter is its high throughput. After an initial 
latency of N clock cycles, one conversion will be completed per clock cycle. While the 
residue of the first stage is being operated on by the second stage, the first stage is free to 
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ÖAT-2 D0 

(MSB) (LSB) 

Figure 29.30 Block diagram of a pipeline ADC. 

operate on the next samples. Each stage operates on the residue passed down from the 
previous stage, thereby allowing for fast conversions. The disadvantage is having the 
initial N clock cycle delay before the first digital output appears. The severity of this 
disadvantage depends, of course, on the application. 

One interesting aspect of this converter is its dependency on the most significant 
stages for accuracy. A slight error in the first stage propagates through the converter and 
results in a much larger error at the end of the conversion. Each succeeding stage requires 
less accuracy than the one before, so special care must be taken when considering the first 
several stages. 

Example 29.13 
Assume that the pipeline converter shown in Fig. 29.30 is a 3-bit converter. 
Analyze the conversion process by making a table of the following variables: D2, 
£>,, D0, Vv V2, for vIN= 2, 3, and 4.5 V. Assume that VREF= 5 V, F3 is the residue 
voltage out of the first stage, and V2 is the residue voltage out of the second stage. 

The output of the first comparator, D2 = 0, since vIN < 2.5 V. Since D2 = 0, K3 = 
2(2) = 4 V. Passing this voltage down the pipeline, since V3 > 2.5 V, Z), = 1 and V2 
becomes 

V2 = (v3-^-)x2 = 3V 

The LSB, D0 = 1, since V2 > 2.5 V, and the digital output corresponding to V1N = 2 
V, is D2Z),Z)0= Oil. The actual digital outputs are simply the comparator outputs, 
and the data can be completed as seen in Fig. 29.31. ■ 

V2(V) Digital Out {Dfifi^ 
3.0 011 
2.0 100 
3.0 111 

Figure 29.31 Output for the pipeline ADC used in Ex. 29.13. 

2.0 

3.0 

4.5 

v3<y) 
4.0 
1.0 
4.0 
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Accuracy Issues Related to the Pipeline Converter 

The 1-bit per stage ADC can be analyzed by examining the switching point of each 
comparator for the ideal and nonideal case. Using Fig. 29.30, and assuming that all of the 
components are ideal, let vmi represent the value of the input voltage when the first 
comparator switches. This occurs when 

VIN.\=^VREF (29.61) 

The positive input voltage on the second comparator, v 2, can be written in terms of the 
previous stage, or 

vp2 = [vm - \ ■ DM-I ■ VREF] ■ 2 (29.62) 

where DNA is the MSB output from the first comparator and is either a 1 or a 0. The 
second comparator switches when vp2 = | FÄ£F. The value of vIN at this point, denoted as 
VIN,V i s 

v,N,2 = j • Z>AM • VREF + \ VREF (29.63) 

Continuing on in a similar manner, we can write the value of the voltage on the positive 
input of the third comparator in terms of the previous two stages as 

VP3 [VIN - x ' DN-I ■ VREF] • 2 - [- ■ DN^2 • VREF] ■ 2 (29.64) 

and the third comparator will switch when v 3 = -ZVREF, which corresponds to the point at 
which vm becomes 

V/iV,3 ; ^•DN-I-VREF + J- DN-2 -VREF + 1 VREF (29.65) 

By now, a general trend can be recognized and the value of vlN can be derived for the 
point at which the comparator of the jV-th stage switches. This expression can be written 
as 

ViNji = 2 • DN-I • VREF + 4 ■ DN-2 ■ VREF + ^ ■ DN-I ■ VREF + + TJ^J ■ DI ■ VREF + Tp • VREF 

(29.66) 

Notice that the preceding equation does not include D0. This is because D0 is the output of 
the N-th stage comparator. 

Now that we have derived the switching points for the ideal case, the nonideal 
case can be considered. Only the major sources of error will be included in the analysis so 
as not to overwhelm the reader. These include the comparator offset voltage, VC0Sx, and 
the sample-and-hold offset voltage, VS0Sx. The variable, x, represents the number of the 
stage for which each of the errors is associated, and the "prime" notation will be used to 
distinguish between the ideal and nonideal case. The reader should also be aware that the 
offset voltages can be of either polarity. It will be assumed that all of the residue 
amplifiers have the same gain, denoted as A. 

The positive input to the first nonideal comparator, vpl, will include the offset 
from the first sample-and-hold, such that 
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vpl=vIN+Vsos,\ (29.67) 

Now the first comparator will not switch until the voltage on the positive input 
overcomes the comparator offset as well. This occurs when 

v'pl=\VREF+Vcos,\ (29.68) 

Thus, equating Eqs. (29.67) and (29.68) and solving for the value of the input voltage 
when the switching occurs for the first comparator yields 

v«,, = 5VREF + VCOSA - Vsos,i (29.69) 

The input to the second comparator, vp2, can be written as 

v'p2 = [VIN + Vsos,\ - \ ■ ÖJV-, • VREF] • A + Vsos.i (29.70) 

and the value of input voltage at the point which the second comparator switches occurs 
when 

vw,2 = \ ■ £>*-i • VREF + ~f- ~ Vsos,x ~ j{Vsos,2 - Vcos.i) (29.71) 

Continuing in the same manner, we can write the value of the input voltage that causes 
the third comparator to switch as 
vm,i = 2 ' DN-I • VREF +2 • DN-2 ' ~j^ ~ Vsos.i - 7 Vsos.i - ~i Vsos.i - ~i\_ Vcos,s -2 VREF] 

(29.72) 

which can be generalized to the 7V-th switching point as 

I rv_ T/ 1 I r \ ^«fF , , i n VREr , 1 VREF — - n v _i_ ' n ,REF _i_ _i_ ' n VREF _L ' VREF _L_ ' "»•* v vnw ~ 2 ' DN~1 ' VREF + 2 ' DN~2 '~T + - + 2'Di"^+2'7^ + "7̂ —L 

(29.73) 

The INL can be calculated by subtracting switching point between the nonideal 
and ideal case. Therefore, the INL of the first stage is found by subtracting Eqs. (29.69) 
and (29.61). 

INL 1 = v^ , - vm,i = Vcos.i - VSos,\ (29.74) 

The second stage INL is 

INL2 = v'm - vm = V-f- ( 1 - ±) - Vsos, -^f. + ?!fL (29.75) 

and the INL for the N-th stage is 

INLN = ±-DN-2 ■ VREF-(Q-\) +1-ÜN-3 • VREF-[^-\)+... 

+±.Dl . VREF-{-± l-) +1- VREF- P l-) +^°^-Y 2 ^ * 
+2 »l VREF yAN_2 2N-2J+2 VREF \AN-X 2N-X)+

 AN-X £ tf-X 
(29.76) 
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Equations (29.74)-(29.76) are very important to understanding the limitations of the 
pipeline ADC. Notice the importance of the comparator and summer offsets in Eq. 
(29.74). The worst-case addition of the offsets must be less than Vi LSB to keep the ADC 
N-b\X accurate. The second stage is more dependent on the gain of the residue amplifier as 
seen in Eq. (29.75). The gain error discussed in the previous section plays an important 
role in determining the overall accuracy of the converter. Now examine the effects of the 
offsets on the INL of the 7V-th stage. In Eq. (29.76), both the comparator and summer 
offsets of the Â -th stage (when k = N) are divided by a large gain. Therefore, the latter 
stages in a pipeline ADC are not as critical to the accuracy as the first stages, and die area 
and power can be reduced by using less accurate designs for the least significant stages. 
The summation term in Eq. (29.76) also reveals that the summer offset of the first stage (k 
= 1) has a large effect on the N-th stage. However, this point is inconsequential since 
Vsos, must be minimized to achieve A'-bit accuracy for the first stage anyway. Typically, 
if the INL and DNL specifications can be made Af-bit accurate in the first few stages, the 
latter stages will not adversely affect overall accuracy. 

The DNL can be found by calculating the difference between the worst-case 
switching points and subtracting the ideal value for an LSB. As defined earlier, the worst 
case will occur at midscale when the output switches from 0111...111 to 1000...000 as vIN 
increases. Thus, the DNL is 

DNLmax = v'm - v ^ - ^f (29.77) 

where v'INN is calculated using Eq. (29.73) and assuming that Z)w., is a zero and that all of 
the other bits are ones. Plugging in Eqs. (29.69) and (29.73) into Eq. (29.77) yields 

DNLmax = I v j ^ l - 1 ±) + P W - ^f+f ^ f - ^f (29.78) 

Again, the term that dominates this expression is the comparator offset associated with 
the first stage and the summer offset of the second stage. The entire expression in Eq. 
(29.78) must be less than lA LSB for the ADC to have A'-bit resolution. 

29.2.4 Integrating ADCs 

Another type of ADC performs the conversion by integrating the input signal and 
correlating the integration time with a digital counter. Known as single- and dual-slope 
ADCs, these types of converters are used in high-resolution applications but have 
relatively slow conversions. However, they are very inexpensive to produce and are 
commonly found in slow-speed, cost-conscious applications. 

Single-Slope Architecture 

Figure 29.32 illustrates the single-slope converter in block level form. A counter 
determines the number of clock pulses that are required before the integrated value of a 
reference voltage is equal to the sampled input signal. The number of clock pulses is 
proportional to the actual value of the input, and the output of the counter is the actual 
digital representation of the analog voltage. 

Since the reference is a DC voltage, the output of the integrator should start at 
zero and linearly increase with a slope that depends on the gain of the integrator. Notice 
that the reference voltage is defined as negative so that the output of the inverting 
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-VREF—>A/VS-
R 

V/JV 

DN-^DN-2 D2D1D0 

Digital out 

Figure 29.32 Block diagram of a single-slope ADC. 

integrator is positive. At the time when the output of the integrator surpasses the value of 
the S/H output, the comparator switches states, thus triggering the control logic to latch 
the value of the counter. The control logic also resets the system for the next sample. 
Figure 29.33 illustrates the behavior of the integrator output and the clock. 

Note that if the input voltage is very small, the conversion time is very short, as 
the counter has to increment only a few times before the comparator latches the data. 
However, if the input voltage is at its full-scale value, the counter must increment to its 
maximum value of 2N clock cycles. Thus, the clock frequency must be many times faster 
than the bandwidth of the input signal. The conversion time, tc, depends on the value of 
the input signal and can be described as 

VlN 

VREF 
TdK (29.79) 

Comparator output 

Figure 29.33 Single-slope ADC timing diagrams for (a) the comparator inputs and outputs 
and (b) the resulting counted pulses. 
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where TCLK is the period of the clock. The sampling rate is inversely proportional to the 
conversion time and can be written as 

f«»vu = -p^-fcLK (29.80) 

Example 29.14 
Determine the clock frequency needed to form an 8-bit, single-slope converter, if 
the analog signal bandwidth is 20 kHz. 

Since the sampling rate required is 40 kHz, then the worst-case situation would 
occur for a full-scale input, in which event the integrator output would have to 
climb to its maximum value and the counter would increment 2N times during the 
corresponding 25 \is period between samples. Therefore, the clock frequency 
would need to be 2" times faster than the sampling rate or 10.24 MHz. ■ 

Accuracy Issues Related to the Single-Slope ADC 

Obviously, many potential error sources abound in this architecture. At the end of the 
conversion, the voltage across the integrating capacitor, Vc, assuming no initial condition, 
will be 

-HJ Y*ZLdt=Ymlk (29.81) 
C J R RC 

where tc is the conversion time. Plugging Eq. (29.79) into Eq. (29.81) yields 

VC~ IC =f^R-C (29-82) 

Equation (29.82) is a revealing one in that the final voltage on the integrator output 
depends not only on the value of the input voltage, which is to be expected, but also on 
the value of R, C, and fCLK . Therefore, any nonideal effects affecting these values will 
have an influence on the accuracy of the integrator output from sample to sample. For 
example, if an integrated diffused-resistor is used, then the voltage coefficient of the 
resistor could limit the accuracy, since the resistor will be effectively nonlinear. Similarly, 
the capacitor may have charge leakage or aging effects associated with it. Also, any jitter 
in the clock will affect the overall accuracy. The integrator must have a linear slope to 
within the accuracy of the converter, which depends on the specifications of the op-amp 
(open- loop gain, settling time, offset, etc.) and must be considered accordingly. 

Offset voltages on the comparator, the S/H, or the integrator result in additional or 
fewer clock pulses, depending on the polarity of the offset. A delay also exists from the 
time that the inputs to the comparator are equal and the time that the output of the counter 
is actually latched. The reference voltage must also stay constant to within the accuracy of 
the converter. 

Dual-Slope Architecture 

A slightly more sophisticated design known as the dual-slope, integrating ADC (Fig. 
29.34) eliminates most of the problems encountered when using the single-slope 
converter. Here, two integrations are performed, one on the input signal and one on V^. 
The input voltage in this case is assumed to be negative, so that the output of the inverting 
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(V/JV < 0) 
Comparator DN-XDN-2 D2 £>,£><, 

Digital out 

Figure 29.34 Block diagram of a dual-slope ADC. 

integrator results in a positive slope during the first integration. Figure 29.35 illustrates 
the behavior for two separate samples. The first integration is of fixed length, dictated by 
the counter, in which the sample-and-held signal is integrated, resulting in the first slope. 
After the counter overflows and is reset, the reference voltage is connected to the input of 
the integrator. Since vm was negative and the reference voltage is positive, the inverting 
integrator output begins discharging back down to zero at a constant slope. A counter 
again measures the amount of time for the integrator to discharge, thus generating the 
digital output. 

For Fig. 29.35, a 3-bit ADC is being used. Thus, the first integration period 
continues until the beginning of the eighth (23) clock pulse, which corresponds to the 
counter's overflow bit. Note that the integrator's output corresponding to VB is twice the 
value of the output corresponding to VA. Thus, it requires twice as many clock pulses for 

Vc(t)* 
Discharging period 

Constant slope 

Counter nnnnnnnnnnnnnn 
1 2 3 4 5 6 7 1 2 3 4 5 6 

Figure 29.35 Integration periods and counter output for two separate samples of 
a 3-bit dual-slope ADC. 
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the integrator to discharge back to zero from VB than from VA. The output of the counter at 
tA is three or 011, while the counter output at tB is twice that value or six (110) and the 
quantization is complete. 

Notice that the first slope varies according to the value of the input signal, while 
the second slope, dependent only on FM F, is constant. Similarly, the time required to 
generate the first slope is constant, since it is limited by the size of the counter. However, 
the discharging period is variable and results in the digital representation of the input 
voltage. 

Accuracy Issues Related to the Dual-Slope ADC 

One may wonder how the dual-slope converter is an improvement over the single-slope 
architecture, since a significantly longer conversion time is required. The first integration 
period requires a full 2N clock cycle and cannot be decreased, because the second 
integration might require the full 2N clock cycles to discharge if the maximum value of vIN 
is being converted. However, the dual slope is the preferred architecture because the same 
integrator and clock are used to produce both slopes. Therefore, any nonidealities will 
essentially be canceled. For example, assuming that the S/H is ideal, the gain of the 
integrator at the end of the first integration period, Tv becomes 

Vc = -±\v-fdtJ-^± (29.83) 

The output at the end of Tt is positive since the input voltage is considered to be negative 
and the integrator is inverting. After the clock has been reset, the discharging commences, 
with the initial condition defined by the value of the integrator output at the end of the 
charging period, or 

|v/]v| • T\ 
K c = ÄC C I Ä 1 * (29-84) 

Once the value of the integrator output, Vc, reaches zero volts, Eq. (29.84) becomes 

Kc = ^ ^ - - ^ ^ = 0 (29.85) 

or, 

\VIN\-TX = VREF-T2 (29.86) 

At the end of the conversion, the dependencies on R and C have canceled out. Since we 
also know that the counter increments 2N times at time, 7",, and the counter increments D 
times at time, T2, Eq. (29.86) can be rewritten as 

D _ \VIN 

2 N V.„ < 2 9 - 8 7 > 

where D is the counter output that is actually the digital representation of the input 
voltage. Thus, it can be written that the ratio of the input voltage and the reference 
voltage is proportional to the ratio of the binary value of the digital word, D, and 2N. 
Therefore, since the same clock pulse is responsible for the charging and discharging 
times, any irregularities will also cancel out. 
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29.2.5 The Successive Approximation ADC 

The successive approximation converter performs basically a binary search through all 
possible quantization levels before converging on the final digital answer. The block 
diagram is seen in Fig. 29.36. An N-bit register controls the timing of the conversion 
where N is the resolution of the ADC. VIN is sampled and compared to the output of the 
DAC. The comparator output controls the direction of the binary search, and the output of 
the successive approximation register (SAR) is the actual digital conversion. The 
successive approximation algorithm is as follows. 

1. A 1 is applied to the input of the shift register. For each bit converted, the 1 is 
shifted to the right 1-bit position. Bm = 1 and BN2 through B0= 0. 

2. The MSB of the SAR, DNA, is initially set to 1, while the remaining bits, DN_2 
through D0, are set to 0. 

3. Since the SAR output controls the DAC and the SAR output is 100...0, the DAC 
output will be set to ^ . 

4. 

6. 

Next, v1N is compared to —̂—. If —̂— is greater than v1N, then the comparator 
output is a 0 and the comparator resets DNA to 0. If -f^- is less than vIN, then the 
comparator output is a 1 and the Dm remains a 1. DNA is the actual MSB of the 
final digital output code. 

The 1 applied to the shift register is then shifted by one position so that BN_2 
while the remaining bits are all 0. 

1, 

DN2 is set to a 1, DN3 through D0 remain 0, while DNl remains the value from the 
MSB conversion. The output of the DAC will now either equal -*p (if DNl = 0) 
o r ^ ( i f Z V , = l). 

Clock in 
-

BN-\ 

ÖJV-1 

N-bit 
shift register 

\t \ 
BN-2 

' ... .. .. > 
B 2 
< > 

Si 
f > 

SAR 

\t > 
DN-2 
t > 

D 2 
< > < \ 

N-bit DAC 

^ • E n d 

B0 

D0 

VoUT 

S/H Comparator output 

Figure 29.36 Block diagram of the successive approximation ADC. 
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7. Next, vIN is compared to the output of the DAC. If the DAC output is greater than 
vIN then the comparator output drives DN2 to 0. If the DAC output is less than vm 
then DN2 remains a 1. 

8. The process repeats until the output of the DAC converges to the value of vm 
within the resolution of the converter. 

Figure 29.37 shows an example of the binary search nature of the converter. The 
bolded line shows the path of the conversion for 101, corresponding to | VREF. All 
possible quantization levels are represented in the binary tree. With each bit decided, the 
search space decreases by one-half until the correct answer is converged upon. 
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0 

£>i 

D i 

1 

0 
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0 
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1 
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6/8 

5/8 
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V-^t 
Start Tl T2 T3 

Figure 29.37 Binary search performed by a 3-bit successive approximation 
ADCforD=101. 

Example 29.15 
Perform the operation of a 3-bit successive approximation ADC similar to Fig. 
29.36 with V^ = 8. Make a table that consists of A^iA» B2BtBQ, VOUT (the 
output from the DAC) and the comparator output, which shows the binary search 
algorithm of the converter for v„=5.5V and 2.5 V. 

We will designate D2,DrD0, as the initial output of the SAR before the comparator 
makes its decision. The final value is designated as D2D{D0. Notice that if the 
comparator is a 1, D2,DVD0 

0 
B2BlB0. 

then DrDrD0, D2D,D0 

differs from Dfi^D^, but if the comparator outputs a 
The output of the shift register is designated as 

Following the algorithm discussed previously, initially vIN = 5.5 V and is 
compared with 4 V. Since the comparator output is 0, the MSB remains a 1. The 
next bit is examined, and the output of the DAC is now 6 V. Since V0UT> vIN, the 
comparator output is 1, which resets the current SAR bit, £>,, to a 0 at the end of 
period T2. Lastly, the LSB is examined, and v1N is compared with 5 V. Since vm > 
VOUT, the comparator output is a 0, and the current SAR bit, D0, remains a 1. The 
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results can be examined in Fig. 29.38a. The final value for DJDJDQ is 101, which 
is what is expected considering that 101 in binary is equivalent to 510. Figure 
29.38b shows the data for the ADC using vm = 2.5 V. The final value for vIN = 2.5 
is 010, which again is what is expected for 3-bit resolution. ■ 

Step vIN ß2Ä,B0 ZJji),^)», VOVT CompOut Dfifia 

Tl 5.5 100 100 \l2VmF=AM 0 100 

T2 5.5 010 110 (1 /2+1/4)^= 6 V 1 100 
T3 5.5 001 101 ( 1 / 2 + 1 / 8 ) ^ = 5 V 0 101 

(a) 

Step vM ß2ß,ß0 D'fi'fi',, VOUT CompOut Dfi,Da 

Tl 2.5 100 100 1 / 2 I V = 4 V 1 000 

T2 2.5 010 010 1/4*V = 2V 0 010 

T3 2.5 001 011 (l/4+l/8)KffiF=3V 1 010 

(b) 

Figure 29.38 Results from the 3-bit successive approximation ADC using (a) vm= 5.5 
and (b) 2.5 V. 

The successive approximation ADC is one of the most popular architectures used 
today. The simplicity of the design allows for both high speed and high resolution while 
maintaining relatively small area. The limit to the ADC's accuracy depends mainly on the 
accuracy of the DAC. If the DAC does not produce the correct analog voltage with which 
to compare the input voltage, the entire converter output will contain an error. Referring 
again to Fig. 29.37, we can see that if a wrong decision is made early, a massive error will 
result as the converter attempts to search for the correct quantization level in the wrong 
half of the binary tree. 

The Charge-Redistribution Successive Approximation ADC 

One of the most popular types of successive approximation architectures uses the binary-
weighted capacitor array (analyzed in Sec. 29.1.5) as its DAC. Called a 
charge-redistribution, successive-approximation ADC, this converter samples the input 
signal and then performs the binary search based on the amount of charge on each of the 
DAC capacitors. Figure 29.39 shows an TV-bit architecture. A comparator has replaced the 
unity gain buffer used in the DAC architecture. The binary-weighted capacitor array also 
samples the input voltage, so no external sample-and-hold is needed. 

The conversion process begins by discharging the capacitor array, via the reset 
switch. Although this may appear to be an insignificant action, the converter is also 
performing automatic offset cancellation. Once the reset switch is closed, the comparator 
acts as a unity gain buffer. Thus, the capacitor array charges to the offset voltage of the 
comparator. This requires that the comparator is designed to be unity-gain stable, which 
means that internal compensation may have to be switched in during the reset period. 
Next, the input voltage, v1N, is sampled onto the capacitor array. The reset switch is still 
closed, for the top plate of the capacitor array needs to be connected to virtual ground of 
the unity gain buffer. The equivalent circuit is seen in Fig. 29.40a. The reset switch is 
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VTOP 
Reset 
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" ^ 

Successive approximation register 
(SAR) 

Bit out 

Figure 29.39 A charge redistribution ADC using a binary-weighted capacitor array DAC. 

then opened, and the bottom plates of each capacitor in the array are switched to ground, 
so that the voltage appearing at the top plate of the array is now Vos - vIN (Fig. 29.40b). 
The conversion process begins by switching the bottom plate of the MSB capacitor to 
VREF (Fig- 29.40c). If the output of the comparator is high, the bottom plate of the MSB 
capacitor remains connected to Vg^. If the comparator output is low, the bottom plate of 
the MSB is connected back to ground. The output of the comparator is DNA. The voltage 
at the top of the capacitor array, VT0P, is now 

VTOP = -vm + Vos + £>AM ■ " ^ F (2 9-8 8) 

The next largest capacitor is tested in the same manner as seen in Fig. 29.40d. The 
voltage at the top plate of the capacitor after the second capacitor is tested becomes 

VTOP = —vm + Vos + DN-
' REF + DN- VREF (29.89) 

Vos - vm 

(a) 

-^-4C =^2C 4=C 4=C j j i r 
(b) 

( 2 A M ) C 

-L-ON-l 

5 < 2 ^ ' ) C _ r ^ 
VREF-

(2N~2)C 

(c) 

' = L ( 2 N - I ) C ± ( 2 « - 2 ) C 

VREF 
( Z V l = 1} (d) 

Figure 29.40 The charge redistribution process: (a) Sampling the input while autozeroing 
the offset, (b) the voltage at the top plate after sampling, (c) the equivalent 
circuit while converting the MSB, and (d) the equivalent circuit while 
converting the next largest capacitor with the MSB result equal to one. 
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The conversion process continues on with the remaining capacitors so that the voltage on 
the top plate of the array, VT0P, converges to the value of the offset voltage, Vos (within 
the resolution of the converter), or 

VTOP = -vm + Vos + DM ■ ^ + DN.2 - ^ + .... + D , • | f f + D0 ■ ^ f * Vos (29.90) 

Note that the initial charge stored on the capacitor array is now redistributed onto only 
those capacitors that have their bottom plates connected to VmF. 

Accuracy Issues Related to the Charge-Redistribution, Successive-Approximation ADC 

Obviously, the limitation of this architecture is the capacitor matching. The mismatch is 
analyzed in the same manner as the binary-weighted current source array of Sec. 29.1.4. 
Thus, substituting the value of the unit capacitance, C, for the value of the unit current 
source, /, and using Eqs. (29.27) - (29.30), 

, , _ 2^"' • VREF ■ (C + |AC| maxJNL) 2N-{ ■ VREF ■ C _ VREF \AC\maxJNL 
1 lmax 2N-C 2N-C 2 C 

(29.91) 

where the maximum AC that will result in an INL that is 14 LSB is 

1^1™ = ̂ T ■ ^ f ^ = f f f = \ LSB - \AC\maxJNL = § (29.92) 

The DNL is defined by 

(2N-l)-VREF\AC\maxmL 

2N-C 
with the maximum AC, which results in a DNL less than 14 LSB: 

nm QN-V-VREF\AC\maXtDNL VREF I c 
UNLmax - ^N c - 2A,+) - 2 Lhti -> |AC | maXiDNL - 2JV+1 _ 2 

(29.94) 

29.2.6 The Oversampling ADC 

ADCs can be separated into two categories depending on the rate of sampling. The first 
category samples the input at the Nyquist rate, orfN = 2F where F is the bandwidth of the 
signal and fN is the sampling rate. The second type samples the signal at a rate much 
higher than the signal bandwidth. This type of converter is called an oversampling 
converter. 

The oversampling ADC is able to achieve much higher resolution than the 
Nyquist rate converters. This is because digital signal processing techniques are used in 
place of complex and precise analog components. The accuracy of the converter does not 
depend on the component matching, precise sample-and-hold circuitry, or trimming, and 
only a small amount of analog circuitry is required. Switched-capacitor implementations 
are easily achieved, and, as a result of the high sampling rate, only simplistic anti-aliasing 
circuitry needs to be used. However, because of the amount of time required to sample 
the input signal, the throughput is considerably less than the Nyquist rate ADCs. 

mLmax = l ' - ^ >WL ( 2 9 9 3 ) 
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Differences in Nyquist Rate and Oversampling ADCs 

The typical process used in analog-to-digital conversion is seen in Fig. 29.41a, while the 
block diagram for the oversampling ADC is seen in Fig. 29.41b. After filtering the signal 
to help minimize aliasing effects, the signal is sampled, quantized, and encoded or 
decoded using simple digital logic to provide the digital data in the proper format. When 
using oversampling ADCs, little if any, anti-alias filtering is needed, no dedicated S/H is 
required, the quantization is performed with a modulator, and the encoding usually takes 
the form of a digital filter. 

Analog input- Anti-aliasing 
filter S/H Quantizer Digital 

encoding — Digital output 

(a) 

Analog input— ZA 
modulator 

Digital 
filter — Digital output 

(b) 

Figure 29.41 Typical block diagram for (a) Nyquist rate converters and 
(b) oversampling ADCs. 

Since the oversampling converter samples the signal bandwidth at many times, 
aliasing is not a serious problem. A discussion of the frequency characteristics of aliasing 
was presented in Ch. 28. Figure 29.42a shows that when using Nyquist rate converters, a 
sampled signal in the frequency domain appears as a series of band-limited signals at 
multiples of the sampling frequency (see Fig. 28.26 for more details). As the sampling 
frequency decreases, the frequency spectra begin to overlap, and aliasing (Fig. 29.42b) 
occurs. Complex, "brickwall" filters are needed to correct the problem. 

Sampling frequency is twice the signal bandwidth. 

_ i I I I I Signal j | | | I 

rhrh/tvlvrKbandwidth /tmtrrrh 
-If -f 0 /, If f 

(a) 

2f -A 0 / . If f \\ tf 
Aliasing 

(b) 

Oversampling frequency is many times the signal bandwidth. 

i l l m. 
0 

(c) 

m 

Figure 29.42 Frequency domain for (a) Nyquist rate converters, (b) the 
aliasing that occurs, and (c) an oversampling converter. 
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For oversampled ADCs, aliasing becomes much less of a factor. Since the 
sampling rate is much greater than the bandwidth of the signal, the frequency domain 
representation shows that the spectra are widely spaced, as seen in Fig. 29.42c. Therefore, 
overlapping of the spectra, and thus aliasing, will not occur, and only simple, first-order 
filters are required. 

Oversampling converters typically employ switched-capacitor circuits and 
therefore do not need sample-and-hold circuits. The output of the modulator is a 
pulse-density modulated signal that represents the average of the input signal. The 
modulator constructs these pulses in real time, and so it is not necessary to hold the input 
value and perform the conversion. 

As stated previously, the modulator actually provides the quantization in the form 
of a pulse-density modulated signal. Referred to as sigma-delta (2A) or delta-sigma (AS) 
modulation, the density of the pulses represents the average value of the signal over a 
specific period. Figure 29.43 illustrates the output of the modulator for the positive half of 
a sine wave input. Note that for the peak of the sine wave, most of the pulses are high. As 
the sine wave decreases in value, the pulses become distributed between high and low 
according to the sine wave value. 

Figure 29.43 Pulse-density output from a sigma-delta modulator for a sine wave input. 

If the frequency of the sine wave represented the highest frequency component of 
the input signal, a Nyquist rate converter would take only two samples. The oversampling 
converter, however, may take hundreds of samples over the same period to produce this 
pulse-density signal. 

Digital signal processing is then used, which has two purposes: to filter any 
out-of-band quantization noise and to attenuate any spurious out-of-band signals. The 
output of the filter is then downsampled to the Nyquist rate so that the resulting output of 
the ADC is the digital data. This data represents the average value of the analog voltage 
over the oversampling period. The effective resolution of oversampling converters is 
determined by the values of signal-to-noise ratio and dynamic range obtained. 
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The First-Order SA Modulator 

Now that the basic function of the ZA modulator has been described, it would be useful to 
examine its inner workings and determine why ZA modulation is so beneficial for 
generating high-resolution data. A basic first-order EA modulator can be seen in Fig. 
29.44. Here, an integrator and a 1-bit ADC are in the forward path, and a 1-bit DAC is in 
the feedback path of a single-feedback loop system. The variables labeled are in terms of 
time, T, which is the inverse of the sampling frequency and k, which is an integer. The 
1-bit ADC is simply a comparator that converts an analog signal into either a high or a 
low. The 1-bit DAC uses the comparator output to determine if+VREF or —V^ is summed 
with the input. 

x(kT) 1 > VW 

Figure 29.44 A first-order sigma-delta modulator. 

While the benefits of SA modulation are not obvious, a simple derivation of the 
output, y(kT), illuminates its distinct advantages. The output of the integrator, u(kT), can 
be described as 

u(kT) = x(kT- T) - q(kT- T) + u(kT- T) (29.95) 

where, x(kT- T) - q(kT- T) is equal to the integrator's previous input, and u(kT- T) is 
its previous output. The quantization error for the l-bit ADC, as discussed in Ch. 28, is 
again defined as the difference between its output and input such that 

Qe{kT)=y(kT)-u{kT) (29.96) 

Plugging Eq. (29.95) into Eq. (29.96), the output response, y{kT) is 

AkT) = Qe{kT) + x(kT - T) - q(kT -T) + u(kT - T) (29.97) 

An ideal l-bit DAC has the following characteristic: if the input, y(kT) = 0, the output, 
q(kT) = - Vgzp, and if y(kT) = l, then q{kT) = V^. In reality, a l-bit DAC consists of a 
couple of switches connecting V^ or -FÄ£F to a common node, so it is not difficult to 
assume that the DAC is ideal. Therefore, 

y{kT) = q{kT) (29.98) 

Utilizing Eq. (29.96) and Eq. (29.97), we find that Eq. (29.98) becomes 
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y(kT) = x(kT- T) + Qe(kT) - Qe(kT- T) (29.99) 

Therefore, the output of the modulator consists of a quantized value of the input signal 
delayed by one sample period, plus a differencing of the quantization error between the 
present and previous values. Thus, the real power of SA modulation is that the 
quantization noise, Qe, cancels itself out to the first order. 

A frequency domain example further illuminates this important fact. Suppose that 
the first-order modulator can be modeled in the s domain, as seen in Fig. 29.45, with an 
ideal integrator represented with transfer function of j - , the 1-bit ADC modeled as a 
simple error source, Qe(s), and again the DAC considered to be ideal, such that y(s) is 
equal to q(s). It is also assumed that the bandwidth of the input signal is much less than 
the bandwidth of the modulator. Therefore, using simple feedback theory, v0U](s) 
becomes 

V0UT(S) = g e(s) + - ■ [viN(s) - V0UT(S)] 

and solving for v0UT yields, 

VOUT{S) = Qe(s) ■ 
s+l 

+ viN(s) 
s+l 

(29.100) 

(29.101) 

Note that the transfer function from vIN to v0UT follows that of a low-pass filter and that 
the transfer function of the quantization noise follows that of a high-pass filter. Plotted 
together in Fig. 29.46, it is seen that in the region where the signal is of interest, the noise 
has a small value while the signal has a high gain, and that at higher frequencies, beyond 
the bandwidth of the signal, the noise increases. The modulator has essentially pushed the 
power of the noise out of the bandwidth of the signal. This high-pass characteristic is 
known as noise shaping and is a powerful concept used within oversampling ADCs. 
Low-pass filtering is then performed by the digital filter in order to remove all of the 
out-of-band quantization noise, which then permits the signal to be downsampled to yield 
the final high-resolution output. 

v1N(s) > v0ur{s)=y(s) 

Figure 29.45 A frequency domain model for the first-order sigma-delta modulator. 

As the XA modulator is generating the pulse-density modulated output, it is 
interesting to examine the mechanics occurring in the loop, which result in an average of 
the input. An actual SA modulator might resemble Fig. 29.47. A switched-capacitor 
integrator provides the summing as well as the delay needed. The 1-bit ADC is a simple 
comparator, and the 1-bit DAC is simply two voltage-controlled switches that select 
either FR£F or - F M F to be summed with the input. A latched comparator provides the 
necessary loop delay. Notice that the variables are voltage representations of the variables 



1012 CMOS Circuit Design, Layout, and Simulation 

Signal bandwidth 
Bandwidth of the modulator 

Figure 29.46 Frequency response of the first-order sigma-delta modulator. 

used in Fig. 29.44. Remember that the function of the integrator is to accumulate 
differences between the input signal and the output of the DAC. If it is assumed that the 
input, vx{kT), is a positive DC voltage, then the output of the integrator should increase. 
However, the feedback mechanism is such that the 1-bit ADC (the comparator) has a low 
output if the integrator output, vjJiT), is positive. Thus, FS£F appears at the output of the 
DAC and is subtracted from the input, and the integrator output is driven back toward 
zero. The opposite occurs when vu(kT ) is negative such that the integrator output is 
always driven toward zero by the feedback mechanism. An example will illustrate the 
operation of the modulator in more detail. 

vx(kT) 
vy(kT) 

Figure 29.47 Implementation of a first-order sigma-delta modulator 
using a switched capacitor integrator. 

Example 29.16 
Using a general first-order ZA modulator, assume that the input to the modulator, 
vx(kT) is a positive DC voltage of 0.4 V. Show the values of each variable around 
the HA modulator loop and prove that the overall average output of the DAC 
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approaches 0.4 V after 10 cycles. Assume that the DAC output is +1 V, and that 
the integrator output has a unity gain with an initial output voltage of 0.1 V, and 
that the comparator output is either ±1 V. 

The present integrator output will be equal to the sum of the previous integrator 
output and the previous integrator input. Therefore, Eq. (29.95) becomes 

vu(kT) = vu(kT- T)+ va(kT- T) (29.102) 

where 

v.(W) = vJikT) - vq(kT) (29.103) 

and the quantizing error, Qe(kT), is defined by Eqs. (29.96) and (29.98) as 

Qe{kT) = vq{kT)-vu{kT) (29.104) 

The initial conditions define the values of the variable for k = 0. The output of the 
integrator is given to be 0.1 V. Thus, the ADC output is low, the DAC output is 
VmF, and the output of the summer, vo(0), is 0.4 - VmF = - 0.6 V. 

The output for k = 1 begins again with the integrator output. Using Eq. 
(29.102), vu(kT) becomes 

v„(r) = 0.1+(-0.6) =-0 .5 V 

Since the output of the integrator is negative, the output of the comparator is 
positive and -VREF is subtracted from 0.4 to arrive at the value for va{T). 

Continuing in the same manner and using the previous equations, we note the 
voltages for each cycle in Fig. 29.48. After 10 cycles through the modulator, the 
average value of vq(kT) becomes, 

vJkT) 
-0.6 
1.4 

-0.6 
-0.6 
1.4 

-0.6 
-0.6 
1.4 

-0.6 
-0.6 

vu{kT) 
0.1 

-0.5 
0.9 
0.3 

-0.3 

1.1 
0.5 

. -o.i 
1.3 
0.7 

vq(kT)=Vy(kT)Qe(kT) 
1.0 

-1.0 

1.0 
1.0 

-1.0 

1.0 
1.0 

-1.0 
1.0 
1.0 

0.9 
-0.5 
0.1 
0.7 

-0.7 
-0.1 
0.5 

-0.9 
-0.3 
0.3 

vq(kT) 
1.0 
0 
0.333 
0.50 

0.20 
0.333 
0.429 
0.25 
0.333 
0.40 

Figure 29.48 Data from the first-order ZA modulator. 
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Notice that the behavior of vq(kT) swings around the desired value 0.4 V. If we 
were to continue computing values, as k increases, the amount that vq(kT) differs 
from 0.4 V would decrease. Ideally, we could make the deviation of vq(kT) as 
small as desired by allowing the modulator to take as many samples as necessary 
to meet that accuracy. ■ 

It is interesting to examine the effects of using a nonideal comparator. Suppose 
the integrator's output was smaller than the offset voltage of the comparator. A wrong 
decision would be made, causing vy(kT) to be the opposite of the desired value. However, 
as k increases, this error is averaged out, and the modulator still converges on the correct 
answer. Therefore, the comparator does not have to be very accurate in its ability to 
distinguish between two voltages, in contrast to Nyquist rate comparators. 

The Higher Order ZA Modulators 

Higher order XA modulators exist which provide a greater amount of noise shaping. A 
second-order XA modulator can be seen in Fig. 29.49. A derivation of the second-order 
transfer function would reveal that the output contained a delayed version of the input 
plus a second-order differencing of the quantization noise, Qe (see Problem 29.38). A 
third-order modulator would contain third-order differencing of the quantization and can 
be constructed by adding another integrator similar to integrator A into the system. 

x(kT)--ss>. 
q{kT) 

Int 

VL 

egrator A 

Delay 

tO X 
> 
p-
k 

Integrator B 

^ T+ 
Delay i 1-bit 

ADC 

1-bit 
D AC 

y{kT) 

Figure 29.49 A second-order, sigma-delta modulator. 

Figure 29.50 shows the noise-shaping functions of a first-, second-, and 
third-order modulator. The cross-hatched area under each of the curves represents the 
noise that remains in the signal bandwidth and is a magnified version of the blackened 
area of Fig. 29.46. As the order increases, notice that more of the noise is pushed out into 
the higher frequencies, thus decreasing the noise in the signal bandwidth. It should be 
reiterated that ZA modulators do not attenuate noise at all. In fact, they add quantization 
noise that is very large at high frequencies. But because almost all of the noise is out of 
the signal bandwidth, it can easily be filtered, leaving only a small portion within the 
signal bandwidth. This point is important because the XA modulator should not be 
construed as a filtering circuit. 

The resolution also increases as the order of the XA modulator and the 
oversampling ratio increases, as seen in Fig. 29.51. Using a first-order modulator, one can 
expect an increase in dynamic range of 9 dB with every doubling of the oversampling 



Chapter 29 Data Converter Architectures 1015 

Third-order 

Signal bandwidth 

■ / 

Sampling frequency 

Figure 29.50 Noise shaping comparison of a first-, second- and 
third-order modulator. 

ratio. This correlates to an approximate increase in resolution of 1.5 bits according to Eq. 
(28.28). The higher-order modulators have even greater gains in resolution as a 2.5-bit 
increase is attained with each doubling of the oversampling ratio using a second-order 
modulator, while the third-order modulator increases 3.5 bits. 

One could essentially construct a high-order ZA modulator with many integrators. 
However, as with any system employing feedback, stability becomes a critical issue. The 
same holds true for the high-order ZA modulators. Several other topologies have been 
developed which can implement modulators in a cascaded fashion and are guaranteed to 
be stable. However, considerable matching requirements need to be overcome. 

2 0 -

m 

I 

16 

12 

Third-order 

Second-order 

First-order 

16 -+- -+- -+- -+- + 32 64 128 256 512 
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Figure 29.51 Comparison of first-, second-, and third-order modulators versus 
oversampling ratio and resolution. 
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PROBLEMS 
29.1 A 3-bit, resistor-string DAC similar to the one shown in Fig. 29.2a was designed 

with a desired resistor of 500 Q. After fabrication, mismatch caused the actual 
value of the resistors to be 

Rt = 500, R2 = 480, R3 = 470, R4 = 520, R5 = 510, R6 = 490, R1 = 530, Rs = 500 

Determine the maximum INL and DNL for the DAC assuming Kffif = 5 V. 

29.2 An 8-bit resistor string DAC similar to the one shown in Fig. 29.2b was fabricated 
with a nominal resistor value of 1 kQ. If the process was able to provide matching 
of resistors to within 1%, find the effective resolution of the converter. What is 
the maximum INL and DNL of the converter? Assume that KffiF = 5 V. 

29.3 Compare the digital input codes necessary to generate all eight output values for a 
3-bit resistor string DAC similar to those shown in Fig. 29.2a and b. Design a 
digital circuit that will allow a 3-bit binary digital input code to be used for the 
DAC in Fig. 29.2a. Discuss the advantages and disadvantages of both 
architectures. 

29.4 Plot the transfer curve of a 3-bit R-2R DAC if all Rs = 1.1 kQ and 2Rs = 2 kfi. 
What is the maximum INL and DNL for the converter? Assume all of the 
switches to be ideal and VREF = 5 V. 

29.5 Suppose that a 3-bit R-2R DAC contained resistors that were perfectly matched 
and that R = 1 kQ and FÄ£F = 5 V. Determine the maximum switch resistance that 
can be tolerated for which the converter will still have 3-bit resolution. What are 
the values of INL and DNL? 

29.6 The circuit illustrated in Fig. 29.5 is known as a current-mode R-2R DAC, since 
the output voltage is defined by the current through RF. Shown in Fig. 29.52 is an 
TV-bit voltage-mode R-2R DAC. Design a 3-bit voltage mode DAC and determine 
the output voltage for each of the eight input codes. Label each node voltage for 
each input. Assume that R = 1 Ml and that R2 = Rt = 10 kQ and FmF = 5 V. 

Ri Rx 
-^VW-pAAA^-i 

VOUT 

Figure 29.52 DAC used in Problem 29.6. 
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29.7 Design a 3-bit, current-steering DAC using the generic current-steering DAC 
shown in Fig. 29.9. Assume that each current source, /, is 5 uA, and find the total 
output current for each input code. 

29.8 A certain process is able to fabricate matched current sources to within 0.05%. 
Determine the maximum resolution that a current-steering (nonbinary-weighted) 
DAC can attain using this process. 

29.9 Design an 8-bit current-steering DAC using binary-weighted current sources. 
Assume that the smallest current source will have a value of 1 |aA. What is the 
range of values that the current source corresponding to the MSB can have while 
maintaining an INL of 54 LSB? Repeat for a DNL less than or equal to lA LSB. 

29.10 Prove that the 3-bit charge-scaling DAC used in Ex. 29.6 has the same output 
voltage increments as the R-2R DAC in Ex. 29.3 for V^ = 5 V and C = 0.5 pF. 

29.11 Determine the output of the 6-bit, charge-scaling DAC used in Ex. 29.7 for each 
of the following inputs: D = 000010, 000100, 001000, and 010000. 

29.12 Design a 4-bit, charge-scaling DAC using a split array. Assume that VMF = 5 V 
and that C = 0.5 pF. Draw the equivalent circuit for each of the following input 
words and determine the value of the output voltage: D = 0001, 0010, 0100, 1000. 
Assuming the capacitor associated with the MSB had a mismatch of 4 percent, 
calculate the INL and DNL. 

29.13 For the cyclic converter shown in Fig. 29.17, determine the gain error for a 3-bit 
conversion if the feedback amplifier had a gain of 0.45 V/V. Assume that VgEF= 5 
V. 

29.14 Repeat Problem 29.13 assuming that the output of the summer was always 0.2 V 
greater than the ideal and that the amplifier in the feedback path had a perfect gain 
of 0.5 V/V. 

29.15 Repeat Problem 29.13 assuming that the output of the summer was always 0.2 V 
greater than ideal and that the amplifier in the feedback path had a gain of 0.45 
V/V. 

29.16 Design a 3-bit pipeline DAC using V^ = 5 V. (a) Determine the maximum and 
minimum gain values for the first-stage amplifier for the DAC to have less than 
±'/2 LSBs of DNL assuming that the rest of the circuit is ideal, (b) Repeat for the 
second-stage amplifier, (c) Repeat for the last-stage amplifier. 

29.17 Using the same DAC designed in Problem 29.16, (a) determine the overall error 
(offset, DNL, and INL) for the DAC if the S/H amplifier in the first stage 
produces an offset at its output of 0.25 V. Assume that all of the remaining 
components are ideal, (b) Repeat for the second-stage S/H. (c) Repeat for the 
last-stage S/H. 

29.18 Design a 3-bit Flash ADC with its quantization error centered about zero LSBs. 
Determine the worst-case DNL and INL if resistor matching is known to be 5%. 
Assume that VBFR = 5 V. 
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29.19 Using the ADC designed in Problem 29.18, determine the maximum offset that 
can be tolerated if all of the comparators have the same magnitude of offset, but 
with different polarities, to attain a DNL of less than or equal to ±14 LSB. 

29.20 A 4-bit Flash ADC converter has a resistor string with mismatch as shown in 
Table 29.1. Determine the DNL and INL of the converter. How many bits of 
resolution does this converter possess? KMF= 5 V. 

Resistor 
1 
2 
3 
4 

5 

6 
7 
8 
9 
10 
11 

12 

13 

14 
15 
16 

Mismatch (%) 
2 

1.5 
0 

-1 

-0.5 

1 
1.5 
2 

2.5 
1 

-0.5 

-1.5 

- 2 

0 
1 
1 

Table 29.1 Mismatch in resistors used in Problem 29.20 
29.21 Determine the open-loop gain required for the residue amplifier of a two-step 

ADC necessary to keep the converter to within !4 LSB of accuracy with 
resolutions of (a) 4 bits, (b) 8 bits, and (c) 10 bits. 

29.22 Assume that a 4-bit, two-step Flash ADC uses two separate Flash converters for 
the MSB and LSB ADCs. Assuming that all other components are ideal, show 
that the first Flash converter needs to be more accurate than the second converter. 
Assume that V^F = 5 V. 

29.23 Repeat Ex. 29.12 for VIN = 3, 5, 7.5, 14.75 V. 

29.24 Repeat Ex. 29.13 for VIN = 1,4, 6, 7 V and V^ = 8 V. 

29.25 Assume that an 8-bit pipeline ADC was fabricated and that all the amplifiers had a 
gain of 2.1 V/V instead of 2 V/V. If VIN = 3 V and V^ = 5 V, what would be the 
resulting digital output if the remaining components were considered to be ideal? 
What are the DNL and INL for this converter? 
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29.26 Show that the first-stage accuracy is the most critical for a 3-bit, 1-bit per stage 
pipeline ADC by generating a transfer curve and determining DNL and INL for 
the ADC for two cases: (1) The gain of the first-stage residue amplifier set equal 
to 2.2 V/V and (2) the second-stage residue amplifier set equal to 2.2 V/V. For 
each case, assume that the remaining components are ideal. Assume that the VmF 
= 5V. 

29.27 An 8-bit single-slope ADC with a 5 V reference is used to convert a slow-moving 
analog signal. What is the maximum conversion time assuming that the clock 
frequency is 1 MHz? What is the maximum frequency of the analog signal? What 
is the maximum value of the analog signal which can be converted? 

29.28 An 8-bit single slope ADC with a 5 V reference uses a clock frequency of 1 MHz. 
Assuming that all of the other components are ideal, what is the limitation on the 
value of RC? What is the tolerance of the clock frequency which will ensure less 
than 0.5 LSB of INL? 

29.29 An 8-bit dual slope ADC with a 5 V reference is used to convert the same analog 
signal in Problem 29.27. What is the maximum conversion time assuming that the 
clock frequency is 1 MHz? What is the minimum conversion time that can be 
attained? If the analog signal is 2.5 V, what will be the total conversion time? 

29.30 Discuss the advantages and disadvantages of using a dual-slope versus a single 
slope ADC architecture. 

29.31 Repeat Ex. 29.15 for a 4-bit successive approximation ADC using VmF = 5 V for 
vm= 1, 3, and full-scale. 

29.32 Assume that vm = 2.49 V for the ADC used in Problem 29.31 and that the 
comparator, because of its offset, makes the wrong decision for the MSB 
conversion. What will be the final digital output? Repeat for vm = 0.3025, 
assuming that the comparator makes the wrong decision on the LSB. 

29.33 Design a 3-bit, charge-redistribution ADC similar to that shown in Fig. 29.39 and 
determine the voltage on the top plate of the capacitor array throughout the 
conversion process for vm = 2, 3, and 4 V, assuming that VREF = 5 V. Assume that 
all components are ideal. Draw the equivalent circuit for each bit decision. 

29.34 Determine the maximum INL and maximum DNL of the ADC designed in 
Problem 29.33 assuming that the capacitor array matching is 1%. Assume that the 
remaining components are ideal and that the unit capacitance, C, is 1 pF. 

29.35 Show that the charge redistribution ADC used in Problems 29.32 and 29.33 is 
immune to comparator offset by assuming an initial offset voltage of 0.3 and 
determining the conversion for vm = 2 V. 

29.36 Discuss the differences-between Nyquist rate ADCs and oversampling ADCs. 

29.37 Write a simple computer program or use a math program to perform the analysis 
shown in Ex. 29.16. Run the program for k = 200 clock cycles and show that the 
average value of v(kT) converges to the correct answer. How many clock cycles 
will it take to obtain an average value if v (kT) stays within 8-bit accuracy of the 
ideal value of 0.4 V? 12-bit accuracy? 16-bit accuracy? 
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29.38 Prove that the output of the second-order XA modulator shown in Fig. 29.49 is, 

y{kT) = x(kT- T) + Qe{kT) -2Qe{kT- T) + Qe(kT- IT) 

29.39 Assume that a first order EA ADC used on a satellite in a low earth orbit 
experiences radiation in which an energetic particle causes a noise spike resulting 
in the comparator making the wrong decision on the 10th clock period. Using the 
program written in Problem 29.37, determine the number of clock cycles required 
before the average value of vq{kT) is within 12-bit accuracy of the ideal value of 
0.4 V. How many extra clock cycles were required for this case versus the ideal 
conversion used in Prob. 37? 


